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Abstract
Inductive Power Transfer (IPT) systems can transfer electrical power from a power source to
an electrical load wirelessly over relatively large air gaps. Such systems have a number of
advantages as they are unaffected by dirt, ice, water and other chemicals, and are thereby
environmentally inert and maintenance free. High-power applications of IPT systems include
contactless charging of electric vehicles, materials handling systems and public transport
systems, while typical low-power applications include wireless charging of biomedical
implants and cellphones.
High power Inductive Power Transfer (IPT) systems normally operate at power levels of
100kW or more. However, existing high power IPT power supplies are typically designed for
specific power levels and, in low volume, are particularly expensive to make, due to the use
of high power electronic components. This thesis presents an alternative method for realizing
high power IPT power supplies by connecting multiple identical LCL-T based IPT power
supplies in parallel across the track inductor. Both open-loop and closed-loop characteristics
of the parallel topology are investigated.
The parallel topology as proposed can minimize uneven power sharing due to component
tolerance, and does not require additional reactive components for parallelization. In addition,
it can continue to operate when a faulty parallel unit is electronically shut down, dramatically
improving the availability and reliability of the systems. Flexible output power levels may
also be achieved by connecting identical modules in parallel. A 6kW parallel power supply
has been constructed by connecting three 2kW power supplies in parallel. The maximum
efficiency of the power supply and track is measured to be 94%.
A closed-loop controller aimed to improve the reference tracking performance of these LCLT based power supplies is also developed in this thesis. The controller is designed based on a
small-signal model of a single LCL-T based power supply, and can achieve a start-up in under
300µs without overshoot in the rms track current for a 20 kHz power supply. Using the smallsignal model, the dynamics of the power supply have also been investigated. Since a parallel
power supply under normal operation can be simplified and modeled as a single power supply,
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the small-signal models and controller design procedures can also be applied for designing a
closed-loop controller for an LCL-T based parallel power supply.
Finally, this thesis introduces a method for extending the effective coupling range of
stationary IPT electric vehicle charging systems. The method requires modification of the
isolating transformer in the LCL-T based power supply, and is verified using a prototype
system, which can regulate its pickup power at 3kW over a coupling factor range from 0.15 to
0.5.
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Chapter 1.
Introduction
1.1. Introduction to the concept of Inductive Power Transfer
Rapid advancements in Inductive Power Transfer (IPT) technology have recently
enabled wireless transfer of electrical power to be applied both efficiently and cost-effectively
in numerous applications. Such systems have a number of advantages as they are unaffected
by dirt, ice, water and other chemicals, and are thereby environmentally inert and
maintenance free. High-power applications of IPT systems include contactless charging of
electric vehicles, materials handling systems and public transport systems, while typical lowpower applications include wireless charging of biomedical implants and cellphones. The
technology is based on the fundamental principles of electromagnetism, and has been made
feasible due to recent advances in both power electronics devices and electrical and magnetic
materials.
Inductive power transfer can be explained by Ampere’s and Faraday’s laws, as shown
in Figure 1-1. According to Ampere’s law, a current produces a magnetic field around it; the
line integral of the induced magnetic field equals the current. Faraday’s law states that a
changing magnetic field causes a voltage to be induced in a nearby coil. Therefore, by using
an alternating current source, electrical power can be transferred from a wire to a nearby coil
via a magnetic field.

Figure 1-1: Concept of IPT.

Although the theories behind inductive power transfer have been understood for more
than a century, its applications have primarily been restricted to transformers and induction
motors. In such applications, large amounts of electric power can be inductively coupled
where there is a high degree of magnetic coupling between the ac current source and pickup
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coils. In contrast, the magnetic coupling for an IPT system is much lower. This is because the
distance between the primary current source and secondary pickup coils for an IPT system is
normally sufficiently large as to result in low mutual coupling. As a result, if IPT systems
were to be operated at the frequency of mains transformers or induction motors, their power
transfer capability would be very poor.
In order to increase the amount of power transferrable in IPT systems, the ac current
sources must operate at higher frequencies, as the induced voltage in the pickup coil is
proportional to the frequency of the magnetic field according to Faraday’s law. At present,
typical medium to high power IPT systems (1kW and above) operate between 10 kHz and 100
kHz, while low power systems can operate up to the megahertz range.

1.2. Recent industrial applications of Inductive Power Transfer
Due to its inherent galvanic isolation, IPT technology has been used in factory
automation, clean-rooms, lighting [1-4], instrumentation and electronic systems [5-11],
biomedical implants [12-14] and transportation systems [15-36].
1.2.1. Factory automation systems

In 1994, IPT technology was introduced to monorail systems by Daifuku Co., Ltd
(Japan), which is one of the world’s largest manufacturers of materials handling systems. By
using IPT technology, electrical power can be transferred wirelessly to pick-ups travelling
along the monorails, thereby eliminating the need for traditional contact brushes that produce
electrical sparks and debris during operation. As a result, such systems are more reliable,
cleaner and can operate in harsh environments. Due to these advantages, 80% of the cleanroom factory automation systems [10, 37-45] built over the last few decades have adopted IPT
technology for transferring electrical power to moving pick-ups. Figure 1-2 and Figure 1-3
show two IPT based factory automation systems.

2

Figure 1-2: An IPT based monorail material handling system for automotive assembly plants. (Made by
Daifuku)

Figure 1-3: An IPT based clean-room factory automation system. (Made by Daifuku)

1.2.2. IPT based transportation systems

In 1998, an IPT based stationary battery charging system, as shown in Figure 1-4, was
developed for wireless charging of electric buses at the Whakarewarewa geothermal park in
New Zealand. The system was jointly designed by the University of Auckland (New Zealand)
and Wampfler AG (Germany), and was rated to operate at 20kW with a vertical separation of
50mm and horizontal tolerances of ±50mm. The operating frequency was 12.9 kHz, and the
ac current source driving the pick-ups used 5 turns of windings (160A per turn).
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Figure 1-4: Whakarewarewa IPT bus charging system.

Following the success of the Whakarewarewa system, Wampfler AG (Germany) went
on to develop other commercial IPT based charging systems. A 60 kW electric bus stationary
charging system, as shown in Figure 1-5, was designed to operate at a nominal vertical
charging distance of 30mm with ±10mm tolerance.

Figure 1-5: Wampfler IPT charging system for electric buses in Genoa, Italy.

Other IPT based stationary electric vehicle charging systems have also been developed
recently [29, 31-33] in Korea and Japan. A three-phase electric vehicle charging system that
operates at 20 kHz and has a maximum power level of 35kW was described in [29]. The
maximum operating efficiency is 74% at 27kW, and the maximum vertical spacing is 20cm.
A 20kHz inductive charging system for electric vehicles was described in [33]. At an air gap
of 25cm, the system is able to deliver 20kW of power with an efficiency of 86.7%. A rapid
inductive charging system for electric vehicles was also described in [31, 32]. The charging
system can output a maximum output power level of approximately 30kW and operate over a
10cm air gap.
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1.3. Motivations for the Thesis
As IPT applications continue to expand, electrification of personal transportation
systems such as electric vehicles is becoming more popular [17, 21-25, 34, 35, 46-53]. In such
applications, the secondary is stationary during charging, and the required charging power
levels may vary between 3kW to 20kW for electric vehicles, 20 kW to 40 kW for light duty
vehicles and 60kW to 200kW for buses.
Another emerging IPT application is to provide wireless power to electric vehicles
while they are in motion on a roadway [16, 18, 19, 26-28, 34, 54]. A prototype roadway
charging system is shown in Figure 1-6 below. As can be seen, multiple power transmitters
(pads) are placed in alignment, resulting in a continuous power profile for wireless charging
of multiple electric vehicles as they travel down the vehicle lanes [23].

Figure 1-6: Concept of a roadway electric vehicle charging system using sequentially energized pads
under the vehicle.

In order to make such systems feasible, each power supply may be required to output
100kW or more so that multiple electric vehicles can be charged simultaneously. However, at
present, it is difficult to realize such power levels cost-effectively using a single power supply
given voltage and current constraints of power electronic devices at IPT operating frequencies.
In addition, the power levels of existing IPT power supplies cannot be expanded easily, and
an increase in the power level typically requires a redesign of the power supply. This is
normally an expensive and time consuming process.

1.4. Contributions of the Thesis
This thesis attempts to solve the power supply problem by introducing a parallel
topology for IPT power supply. The parallel topology can increase the output power levels of
IPT systems by connecting multiple identical IPT power supplies in parallel. It requires no
extra reactive components for parallelization and can continue to operate when a faulty
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parallel module is electronically shut down, thus greatly improving the usability and
robustness of IPT systems for power sensitive applications.
The thesis investigates both open-loop and closed-loop characteristics of the proposed
parallel topology. Chapter 2 gives a brief introduction to Inductive Power Transfer systems,
including various primary and secondary topologies and existing magnetic designs. It also
describes a modeling technique, which is used in Chapter 5 for the derivation of dynamic
models. Chapter 3 focuses on open-loop characteristics, and investigates the power sharing
capability of the parallel topology under different steady-state operating conditions. Chapter
4 evaluates the redundancy capability of the parallel topology and demonstrates two different
approaches with which a faulty parallel unit can be electronically turned off. Chapter 5
develops a small-signal model of a single power supply for controller design purposes. Since
a parallel power supply can be approximated and modeled as a single unit under ideal
operating conditions, the derived small-signal model can also be used to model a parallel
power supply for controller design purposes. Chapter 6 describes the controller design
procedures for both single and parallel power supply topologies using the small-signal model
derived in Chapter 5. Chapter 6 also concludes the research on the parallel power supply
topology, and Chapter 7 describes a method for extending the effective coupling factor of
stationary IPT electric vehicle charging systems. An alternative method for extending the
coupling factor of lumped IPT systems is also proposed in the future work section in Chapter
8.2.2. Finally, Chapter 8 summarizes the thesis by providing some general conclusions and
suggestions for future work.
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Chapter 2.
Background
The purpose of this thesis is to develop a new parallel topology for IPT power supplies,
aiming to provide higher and more flexible output power levels. Both open-loop and closedloop characteristics of the parallel topology will be examined in detail in this thesis. This
chapter contains a review of IPT systems and focuses on the latest single power supply
topology, based on which the parallel topology is developed. This chapter also gives a brief
introduction to the methodology used for deriving the small-signal models of LCL-T based
power supplies [55].

2.1. Overview of Inductive power transfer systems
The structure of an IPT system is shown in Figure 2-1. The primary side acts as a
power transmitter, converting input electrical power to a magnetic field, while the secondary
side acts as a power receiver, picking up and converting the primary magnetic field back into
electrical power.

Figure 2-1: Fundamental elements of an IPT system.

The functionality of each fundamental block in Figure 2-1 is briefly described below.
Depending on the operating power level, the input voltage to an IPT system can be either AC
or DC. The power inverter outputs an ac voltage at the IPT resonant frequency, which
typically varies between 10 kHz and 100 kHz for medium to high power levels [23, 38, 56]
and up to the megahertz range for low power levels [12, 57, 58]. The primary compensation
network consists of power capacitors and inductors that are tuned to resonate at the IPT
resonant frequency. It acts as a filter, producing a sinusoidal current at IPT frequency into the
primary magnetic structure for inductive power coupling. The conversion from electrical
energy to magnetic energy occurs in the primary magnetic structure, which can be either an
elongated loop for distributed systems [38, 59-61] or a lumped planer coil [12, 15, 22, 62-65]
for lumped systems. The primary magnetic structure is often referred to as a track.
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The secondary magnetic structure intercepts a portion of the primary magnetic field
and converts it back into electrical energy. Due to the low coupling nature of IPT systems, the
induced power in the secondary magnetics alone is typically insufficient for practical
applications. Therefore, the secondary magnetic structures are invariably tuned with a
compensation network to increase the amount of power transferred to the load. The power
flow control network controls the resonating power and regulates it to suitable voltage levels
for driving the load. Detailed analysis of each fundamental block in Figure 2-1 will be
presented below, with an emphasis on the primary side.

2.2. IPT Power Supplies
The IPT power supply consists of the inverter, the primary compensation network and
the primary magnetic structure. The inverter can be categorized as either voltage-sourced or
current-sourced. Each of these two types can be further separated into either a full-bridge or
half-bridge topology. The primary track compensation network can be separated into three
main topologies, which are series tuning, parallel tuning and LCL-T tuning. Each of these
topologies will be described in detail below.
2.2.1. Voltage-sourced inverter topologies

The input to a voltage-sourced inverter can be either a dc voltage or a rectified ac
voltage. Figure 2-2 compares the full-bridge and half-bridge topologies for voltage-sourced
inverters. The full-bridge topology uses four switches to generate an ac voltage output VB.
The magnitude of VB can be either +VDC, -VDC or 0V, depending on the switch combinations.
In order to prevent short-circuiting the input voltage source, two switches in the same Hbridge leg are never turned on simultaneously.

Figure 2-2: Voltage-sourced inverters (a) full-bridge (b) half-bridge.
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In contrast, the half-bridge topology uses only two switches, and one H-bridge leg is
replaced by two identical dc capacitors, as shown in Figure 2-2(b). The capacitance of C1 and
C2 are deliberately made very large and equal in size so that the voltage at point N is held
constant at half of the input dc voltage during normal operation. Therefore, when S1 is on, VB
is –VDC/2, and when S2 is on, VB is +VDC/2. Compared to the full-bridge topology, the halfbridge topology has a smaller output voltage range.
2.2.2. Current-sourced inverter topologies

Current-sourced inverter topologies normally require a bulky dc inductor to be
connected in series with the input voltage source in order to maintain a near constant input
current during operation. They are commonly used in early IPT systems due to its ability to
maintain a constant ac current in the primary magnetics. This feature is essential for IPT
systems with multiple secondary loads [66].
A current-sourced full-bridge topology, as shown in Figure 2-3(a), consists of four
reverse-blocking switches and a large dc inductor LDC. A continuous conduction path must be
provided at all times for the inductor current to flow. This can be ensured by having two
switches in the same H-bridge leg on simultaneously when changing between different switch
combinations. The reverse-blocking diodes prevent short-circuiting of a tuning capacitor that
may be connected across the output of the H-bridge when either the top two or bottom two
switches are on simultaneously. When S1 and S4 are on, I1 is –IDC, and when S3 and S2 are on,
I1 is IDC. I1 becomes zero when either S1 and S2 or S3 and S4 are on simultaneously.

Figure 2-3: Current-sourced inverters (a) full-bridge (b) half-bridge.

For the half-bridge topology shown in Figure 2-3 (b), the top two H-bridge switches
are replaced by a center-tapped inductor. The coupling between the two windings is made as
9

close to unity as possible, so that positive current flow in one winding is matched by negative
current flow in the other. Since both switches are referenced to ground, no isolated gate drives
are required for this topology.
2.2.3. Primary magnetics compensation networks

As mentioned earlier, primary track compensation network can be separated into three
main topologies, which are series tuned, parallel tuned and LCL-T tuned. Tuning of the track
inductor provides two major advantages. Firstly, it reduces the required VA rating of the
power inverter by minimizing the reactive component of the resonant tank. Secondly, it filters
the higher order harmonics in the inverter output voltage, producing a sinusoidal current at
IPT frequency in the track inductor and reducing the radiated EMI of IPT systems.
Figure 2-4 below compares parallel tuning and series tuning of the track inductor
(Ltrack). For a parallel tuning resonant tank, the tuning capacitor is normally designed to
resonate with the track inductor at the IPT frequency. As a result, the inverter switches only
need to provide the real power required by the load and the standing losses in the system. The
track current can resonate to a much higher value than the inverter output current [26, 38].

Figure 2-4: Primary magnetics compensation topologies (a) parallel tuning (b) series tuning.

For a series tuned resonant tank, the inverter output current is the same as the track
current. The series tuning capacitor is normally designed to tune out part of the track
inductance, allowing for a larger track inductor to be driven by a given inverter output voltage
[59, 67].
A more complex tuning topology that forms an LCL-T network [55, 56] with the track
inductor is shown in Figure 2-5. This tuning topology has three desirable characteristics,
making it attractive for medium to low power applications. Firstly, it minimizes the reactive
power in the inverter output, reducing the inverter switching losses and improving the
operating efficiency of the inverter. Secondly, its track current is unaffected by variations in
the track inductance and reflected impedance, dramatically simplifying the control and
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regulation of IPT systems. Thirdly, the input impedance of the LCL-T network is inversely
proportional to the reflected load; the H-bridge current is minimized when there is no
secondary load. This minimizes the switching losses of the power inverter at all operating
power levels. Detailed analysis of this tuning topology will be given in section 2.3.3.

Figure 2-5: LCL-T tuning of the track inductor.

2.3. Existing IPT power supply topologies
Based on the various topologies described in the last section, several IPT power supply
topologies have been developed [36, 38, 56, 68-77]. Amongst these topologies, an LCL-T
based resonant power supply has proven to be the most suitable for medium to low (less than
25kW) power IPT applications, and will be described in detail in section 2.3.3.
2.3.1. Push-Pull Current-Sourced parallel resonant topology

This is the first generation of IPT power supply developed at the University of
Auckland. It contains a current-sourced half-bridge inverter and a parallel tuned resonant tank,
as shown in Figure 2-6 [78]. The operating frequency of the inverter is allowed to vary around
its nominal value in order to maximize the amount of power transferred to the secondary loads.

Figure 2-6: Push-Pull Current-sourced parallel resonant topology.

The topology has the following advantages. Firstly, at the time of development, its
manufacturing cost was relatively low due to the use of only two switches and non-isolated
gate drivers. Secondly, the current-source inverter provides a near constant track current. This
feature is desirable for multiple pick-up systems. Thirdly, since the inverter only needs to
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supply the real power required by the load, the switching losses are low. However, this
topology also has a few disadvantages. Firstly, its variable operating frequency leads to poor
stability (bifurcation) [79] at overload conditions. Secondly, due to its poor dynamic
properties, special start-up and stop control techniques are required [80].
A full-bridge current-source inverter topology, as shown in Figure 2-7, has also been
investigated in [81]. Comparing to the half-bridge topology, the voltage across the resonant
tank for a full-bridge configuration is 1/2 of that of a half-bridge configuration, limiting its
application for systems that require a large track current.

Figure 2-7: A full-bridge current-source parallel resonant topology.

2.3.2. Voltage-Sourced series resonant topology

The second generation of IPT power supply is shown in Figure 2-8. It is a fixedfrequency voltage-sourced full-bridge inverter driving a series tuned resonant tank [74]. The
reactance of the series tuning capacitor C1 is designed to be smaller than that of the track
inductor, and the track current is set by the overall impedance of the resonant tank and
inverter output voltage at no load conditions.

Figure 2-8: Voltage-sourced series resonant topology.

This topology has the following advantages. Firstly, its fixed-frequency operation
eliminates the frequency stability issue. Secondly, the fixed-frequency operation allows the
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secondary to be tuned precisely for maximum power transfer. However, this topology also has
a few drawbacks. Firstly, the track current circulates through the inverter bridge, causing
significant switching losses at large track current values. Secondly, slight variations in the
tuning capacitor and reflected impedance can lead to large changes in impedance of the series
resonant tank and the track current. Under a worst case scenario, the impedance of the
resonant tank can become zero, resulting in infinite amount of inverter output current. In
practice, a closed-loop controller must be implemented to prevent this from happening.
2.3.3. Voltage-sourced LCL-T resonant topology

The conceptual view of the voltage-sourced LCL-T resonant power supply [55, 56, 71,
76, 82-84] is shown in Figure 2-9. This power supply topology combines the advantages of
both the voltage-source full-bridge inverter and the LCL-T resonant tank.

Figure 2-9: Voltage-sourced LCL-T resonant topology.

Figure 2-10 below provides a more detailed and practical view of the LCL-T based
power supply.

Figure 2-10: A more detailed view of the voltage-sourced LCL-T resonant topology.

The first inductor of the LCL-T network (L2) is realized by C1 and L1, which are the
dc blocking capacitor and the leakage inductance of transformer T1, respectively. A dc-bus
capacitor is also added at the input. Additionally, Req that represents the reflected resistance of
the secondary load is added in series with the track inductor. Modeling reflected impedance of
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pickups with a resistive load can be justified as following. At steady-state, provided the
number of pickups is known and remains fixed (which is common in all materials handling
and the majority of other industrial applications) and assuming these pickups are correctly
tuned, any reactive impedance reflected back onto the power supply can be exactly
compensated when designing the track inductor. It is therefore sufficient to model pickups as
a pure resistive load Req for the steady-state analyses of the power supply [85]. However, it
should be noted that adding a pickup to an IPT system might reduce the operating efficiency
of an IPT system by 4% (at rated power levels) and 8% (at light load powers) [3, 86, 87].
The input voltage of the power supply can be either AC or DC. The capacitance of the
dc-bus capacitor Cbus is deliberately designed to be small (approximately 5uF/kW) in order to
improve the input power factor for ac input systems and lower manufacturing cost. As a result,
when driven by an ac input voltage, the voltage across Cbus approximates a rectified input
voltage, which in turn causes the track current (Itrack) to be amplitude modulated at twice the
input frequency. Detailed analyses of such a power supply driven from single-phase ac mains
has been described in [56].
For applications that require a constant track current, a DC input voltage is normally
used for low power applications. For high power applications, the power supply is typically
driven by a three-phase AC input voltage, and the ripple in the DC bus voltage is considered
sufficiently low.
This single power supply topology forms the basis of the work done in this thesis. For
simplicity of analysis, a DC input voltage is assumed for all the theoretical steady-state
analysis presented hereafter. This assumption simplifies the theoretical analysis and allows for
a better focus on the operation of power supplies. However, operational waveforms of power
supplies driven by ac input voltages will also be shown and discussed in this thesis.
The H-bridge is controlled using a clamped-mode technique [88], which generates a
fixed-frequency H-bridge output voltage vb(t), as shown in Figure 2-11. The rms magnitude of
the H-bridge output voltage vb(t) is controlled by the conduction angle θ, which is defined as
the phase delay in degrees between s1(t) and s3(t).
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Figure 2-11: Clamped-mode H-bridge control. VBUS is the dc-bus voltage.

Assume vb(t) is a reference signal, at steady state the rms value of the fundamental
harmonic of vb(t) can be expressed in the phasor notation as:
VBf 

VBUS 4
 

  sin  
 
2 
 2 180 

(2.1)

Here VBUS is the average dc-bus voltage and θ is the conduction angle in degrees. The
conduction angle can vary from 0 to 180 degrees, and its impact on the total harmonic
distortion (THD) of vb(t) is shown in Figure 2-12. As can be seen, the THD is relatively low
for conduction angles larger than 80 degrees. The THD reaches its minimum at approximately
120 degrees due to zero 3rd order harmonic at this conduction angle.

Figure 2-12: Total Harmonic Distortion (THD) of H-bridge output voltage against conduction angle θ.

The LCL-T resonant tank consists of a dc blocking capacitor (C1), a parallel capacitor
(C2), a track inductor (Ltrack), a transformer T1 and its leakage inductance (L1). The LCL-T
network acts as a band-pass filter, passing only the fundamental harmonic of VB to the track
inductor; all the higher order harmonics are trapped in a loop consisting of the H-bridge, L2,
T1 and C2, leading to additional losses and reducing operating efficiency. Therefore, during
normal operation the conduction angle is normally limited to a range between 80 and 160
degrees, over which the THD is relatively low.
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For safety reasons, the transformer T1 is used to isolate the mains input voltage from
the LCL-T resonant tank in case of failure, and its turns-ratio can also be used advantageously
for adjusting the magnitude of the H-bridge output voltage and the track current. The leakage
inductance (L1) of the isolating transformer is deliberately designed to be larger than the
required value of L2, and the extra inductance is tuned out by C1, which eliminates any dc
component in the H-bridge output voltage, preventing transformer saturation. Therefore, the
value of L2 can be expressed as:

j L1 
L2 

1
j C1

(2.2)

j

At steady-state, the track current can be expressed in the phasor notation as:

I track 

VBf

n1
j L2 （Req  j Ltrack ） (1   L2C2 ) n2
2



(2.3)

Here Req , Ltrack  and C2 are the reflected values of Req, Ltrack and C2 looking into the
primary side of T1.
For a tuned LCL-T network, the reactance of L2 is made equal to that of C2 at the
resonant frequency. Under this condition, the track current can be simplified to:

I track 

VBf
j L2



n1
n2

(2.4)

This result indicates that the track current of a tuned LCL-T network is independent of
variations in Req and Ltrack, and is only controlled by the values of VBf and L2. This property
significantly simplifies the control and regulation of the track current and power, and allows
multiple secondary loads to be driven by a common track.
However, in practice it is difficult to perfectly tune an LCL network by making the
reactance of L2 and C2 identical. As a result, the ideal constant track current characteristic in
equation (2.4) is often compromised to a certain degree, and variations in reflected impedance
do cause slight changes in the track current. In addition, equivalent series resistance of the
input rectifier diodes, H-bridge switches and reactive components can also lead to a decrease
in the track current when the operating power level increases. Due to these two reasons, a
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closed-loop controller that aims to maintain a constant track current is normally implemented.
However, since the small-signal model of the power supply has not been derived in the past,
the controller is typically designed based on a trial and error approach, and does not
necessarily provide the best transient performance. Chapter 5 will derive and verify a smallsignal model of a single LCL-T based power supply, while Chapter 6 will use the derived
small-signal model for designing closed-loop controllers aimed to improve the reference track
performance of the power supplies.
The H-bridge impedance can be expressed as:

Z Bridge

j L2 (1   2 Ltrack C2 )  Req

(1   2 Ltrack C2 )2  ( C2 Req )2

(2.5)

Under the following condition:

 L2 

1

 C2

  Ltrack 

(2.6)

, the H-bridge impedance becomes purely resistive.

Z Bridge 

( L2 )2
Req

(2.7)

This is the most efficient operating point for the power supply as the H-bridge only needs to
supply the real power required by the load. In practice, the track inductance is normally
designed to be slightly smaller (approximately 10% smaller ) than the optimum value to
prevent any H-bridge capacitive loading, which can lead to the destruction of H-bridge
switches due to excessively large diode reverse recovery current [85].
Finally, the track Q of the LCL-T resonant tank is defined as the ratio between the
reactance of the track inductor and the reflected resistance:
Q

wLtrack
Req

(2.8)

According to [55], for the design of the converter, the full load Q should be taken equal to one.
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2.4. IPT Magnetic Structures
Depending on the structure of the primary magnetic structure, IPT systems may be
grouped as either distributed or lumped topologies; the former is mostly suitable for
applications where power must be continuously supplied to moving secondary loads over a
predefined area, while the latter is suitable for stationary power transfer.
2.4.1. Distributed systems

The primary magnetic structure of a distributed system normally takes the form of an
elongated loop, as shown in Figure 2-13. Such structures allow continuous power transfer to
multiple moving secondary loads that are in close proximity to the primary magnetic structure.

Figure 2-13: A distributed primary magnetic structure with multiple secondary loads.

For such systems, the secondary magnetic structures are typically much smaller than
the primary track loop. Therefore, only a small portion of the primary magnetic field is
coupled to secondary magnetic structure, and the traditional coupling coefficient defined in
equation (2.9) is not adequate for describing the coupling between primary and secondary for
such systems.
k pad 

M
Lp Ls

(2.9)

Here LP and LS are the self-inductance of the primary coil and secondary coil at a given
coupling coefficient, and M is the mutual inductance.
This is because as mentioned earlier only a portion of the primary magnetic field is
coupled to secondary magnetic structure. In other words, if the self-inductance of the primary
magnetic structure becomes infinitely large as the track loop becomes infinitely long, the
coupling coefficient would eventually decrease to zero according to equation(2.9). However,
this is clearly not true. In fact, the coupling for a distributed system is largely determined by
the geometric layout of the primary and secondary magnetic structures. To solve this problem,
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another parameter, termed the “coupling factor”, is introduced and used to define the
magnetic coupling of distributed systems [89]:
  ns

I ss
Ip

(2.10)

Here ns is the turns ratio between the secondary and primary magnetic structures. Iss is the
short-circuit current of the secondary magnetic structure, while IP is the current in the primary
magnetic structure.
In addition to a single-phase primary magnetic structure, poly-phase distributed
magnetic structures that extend the effective coupling area have also been developed [19, 90].
2.4.2. Lumped systems

In contrast with a distributed system, the primary magnetic structures of lumped
systems are normally much smaller in size, and may be either a circular or rectangular shape.
The secondary magnetic structures of such systems are typically identical to those of the
primary. Magnetic materials are invariably used in both the primary and secondary magnetic
structures to increase the degree of coupling compared to distributed systems. For such
systems, power can only be transferred when the primary and secondary magnetic structures
are closely aligned and have sufficient mutual coupling [64, 65].
Lumped systems may be further categorized as either closely coupled or loosely
coupled types, depending on the physical separation. Closely coupled systems tend to operate
with relatively small air gaps. In contrast, loosely coupled lumped systems can operate with a
larger air gap, and are therefore more desirable for applications such as stationary charging of
electric vehicles. Recent developments in loosely coupled lumped systems have demonstrated
the possibility of inductively transferring 7kW of power over an operational air gap of 100250 mm. The magnetic structure used is a single-sided flux magnetic coupler, which is also
known as a Double D pad [64]. The pad provides a much larger effective coupling area and
higher coupling compared to previous couplers. The size of the pad can also be made larger to
increase its power transfer capability.
Bipolar pad [22] is another recently developed loosely coupled magnetic structure. It
is able to produce a wide power transfer profile to an appropriate pickup structure, increasing
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the freedom of movement for IPT applications. The two bipolar coils are mutually decoupled
from each other.
For lumped systems, the traditional coupling coefficient defined in equation(2.9) is
valid.

2.5. IPT Secondary
The IPT secondary typically consists of a secondary magnetic structure, a secondary
compensation network and a power flow controller, as shown in Figure 2-1. The IPT
secondary is also known as a pickup.
2.5.1. Secondary magnetic structures

For distributed systems, the secondary magnetic structure is typically much smaller in
size compared to those of lumped systems. Some common secondary magnetic structures as
used in materials handling applications are shown in Figure 2-14.

Figure 2-14: Common secondary magnetic structures used in distributed systems: (a) U-core, (b) E-core,
(c) S-core, (d) H-core, (e) flat bar pick-up and (f) flat-E pick-up.

As can be seen, the ferrite structures are specially shaped to capture the primary
inductive field. The geometry of the cores in Figure 2-14 is application specific. For example,
the U-core [5, 91], E-core [38, 43, 92] and H-core are common for monorail applications,
while the flat bar and flat-E are typically used for Automatic Guided Vehicle (AGV)
applications [93, 94].
20

For lumped systems, the circular [65], bipolar [22] and double D [64] pads are
commonly used for higher coupling factor and larger power transfer. Typically, the secondary
magnetic structure is similar to the primary magnetic structure, but this is not always
necessary. Such magnetic structures are desirable for electric vehicle charging applications.
2.5.2. Secondary compensation topologies

Due to the low coupling nature of IPT systems, secondary magnetic structures are
invariably tuned with capacitors to boost the amount of power transferred. Three most
commonly used tuning topologies are series tuning, parallel tuning and LCL tuning.
In order to show the effects of tuning, the operation of an IPT secondary without
tuning is analyzed first. In this analysis, the secondary load, as shown in Figure 2-15, is
modeled using an ac resistor, which may represent a rectifier, filter and dc load [95].

Figure 2-15: An IPT secondary driving a resistive load.

VOC stands for the induced open-circuit voltage of the secondary magnetic structure [38, 66],
and is given by:
VOC  j MItrack

(2.11)

Here  is the angular frequency of the track current (Itrack) and M is the mutual inductance
between the primary and secondary magnetic structures.
The short-circuit current of the secondary magnetic structure [38, 66] is defined as:
I SC 

VOC
M

I track
j Lpickup Lpickup

(2.12)

Here Lpickup is the inductance of the secondary magnetic structure. The product of the opencircuit voltage and short-circuit current is the uncompensated VA (Su), which gives an
indication of the coupling between the primary and secondary:
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SU  VOC I SC  

M2
I track 2
Lpickup

(2.13)

The uncompensated load power maximizes when the reactance of Lpickup is equal to the value
of Rload, and its value can be expressed as:
V I
1
PMAX  SU  OC SC
2
2

(2.14)

This is the maximum power that can be transferred to a resistive load without tuning.
Figure 2-16 below illustrates series and parallel tuning topologies.

Figure 2-16: Secondary tuning topologies: (a) series tuning (b) parallel tuning.

Regardless of the tuning topology, the value of the tuning capacitor is determined as:
C pickup 

1
 Lpickup
2

(2.15)

For series tuning [10, 96], the combined impedance of Lpickup and Cpickup evaluates to zero at
the IPT resonant frequency. As a result, the load resistor is effectively driven by a constant
voltage VOC and the load current is determined by VOC/Rload. A large load current can lead to
large voltage stresses across Lpickup and Cpickup.
For parallel tuning [66, 95], the circuit in Figure 2-16(b) can be transformed into its Norton
equivalent, as shown in Figure 2-17. Since a parallel connection of Lpickup and Cpickup at the
IPT resonant frequency forms an open-circuit, the load current is fixed at the short circuit
current ISC, and the load voltage is ISCRload. Large currents can be induced in Lpickup and Cpickup
at large Rload values.

22

Figure 2-17: (a) parallel tuning (b) parallel tuning’s Norton equivalent circuit

In order to quantify the amount of increase in the load power due to tuning, a quality
factor Q2 is introduced and defined differently for the two tuning topologies as:
 Rload
 L
 pickup
Q2  
  Lpickup
 Rload

parallel tuned

(2.16)
series tuned

As explained earlier, series tuning boosts the load current, while parallel tuning
boosts the load voltage. Regardless of the type of tuning, the amount of load power is boosted
by a factor of 2Q2 compared to the maximum uncompensated power defined in equation(2.14).
Parallel tuning: PMAX  I SC 2 Rload 
Series tuning: PMAX

VOC
R I  Q2VOC I SC
 Lpickup load SC

 Lpickup
V 2
 OC  VOC I SC
 Q2VOC I SC
Rload
Rload

(2.17)

When operating at the ideal tuned frequency, the reflected impedance of series and
parallel tuning topologies as seen by the track is defined as [49]:
ZR 
ZR 

2M 2

series tuning

Rload

M 2
Lpickup 2

(2.18)
( Rload  j Lpickup )

parallel tuning

Notice the series tuning reflects a purely resistive impedance, whereas the reflected
impedance of the parallel tuning has a capacitive component.
The LCL tuning topology [97, 98], as shown in Figure 2-18, has an additional inductor
L3 connected in series with the load resistor, and the value of L3 is designed to be the same as
Lpickup.
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Figure 2-18: LCL tuning topology.

This tuning topology has a several desirable characteristics, making it ideal for high
power applications. Firstly, under ideal tuning it reflects a real load back onto the primary
track, minimizing the amount of reactive power the H-bridge has to deliver. Secondly, its
current source output capability simplifies the output voltage regulation. Thirdly, it eliminates
the need for a large dc inductor in the regulator design. Lastly, the VA rating of the reactive
components for the LCL tuning is much lower compared to the parallel or series tuning
topologies.
2.5.3. Secondary power flow control topologies

Secondary power control allows multiple secondary pickups to be driven
independently by a common primary, and is the preferred control method for IPT systems.
The most common secondary control method is a decoupling controller [66], which controls
Q2 of the secondary resonant tank. There are primarily two categories of switch-mode IPT
decoupling controllers; boost-mode (Figure 2-19) for a parallel tuned resonant tank [38, 66,
99] and buck-mode (Figure 2-20) for a series tuned resonant tank [100]. Other types of
controllers such as buck-boost have also been described [34].
For the boost-controller in Figure 2-19, its output power is regulated by the duty cycle
of the switch. When switch is in the off state, power flows from the pickup inductor to the
load, and the parallel resonant tank resonates to a Q2 value defined by the equivalent ac
resistance of the rectifier and dc resistor. When the switch is on, the resonance collapses and
the short-circuit current of the pickup inductor flows through the switch, causing the output
capacitor to discharge and the output dc voltage to decrease.
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Figure 2-19: Practical implementation of a boost-mode controller for a parallel tuned resonant tank.

For the buck-mode controller in Figure 2-20, its output power is proportional to the
switching duty cycle. When switch is on, power flows from the pickup inductor to the load.
When switch is off, power stops flowing and load voltage starts to drop.

Figure 2-20: Practical implementation of a buck-mode controller for a series tuned resonant tank.

2.6. The need for higher and more flexible power levels
Recent advances in IPT technology have made it possible to transfer sufficient power
over a large air gap for charging electric vehicles [16, 18, 19, 27, 64]. As a result, several
wireless stationary charging systems have been developed for electric vehicles over the past
few years. However, most of these charging systems are designed for 35kW or less [29, 3133]. Currently, IPT research at the University of Auckland is focusing on providing wireless
power to electric vehicles while they are in motion on a roadway [16, 19, 27]. Such a roadway
IPT system energizes a section of the road for wireless power transfer, and may require power
levels of 100kW or more to charge multiple electric vehicles simultaneously. However, at the
present time, it is difficult to realize such high power levels cost-effectively using a single
power supply given voltage and current constraints of power electronic devices and capacitor
limitations.
In addition to the requirement for higher power levels, emerging IPT applications [1, 3,
87] also require IPT systems with different power ratings. However, since conventional IPT
power supplies are normally designed for a single power level, they may need to be
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completely redesigned for different power levels in order to maintain good operating
efficiency and reduce manufacturing cost. Redesigning an IPT power supply is normally an
expensive and time consuming process. Alternatively, flexible IPT power levels may be
realized by connecting modular power supplies in parallel. Each modular power supply
should be designed for a sensible power level, and may be manufactured in larger quantities
to reduce cost. However, parallel operation of IPT power supplies has not been researched in
the past.
In situations requiring higher and more flexible output power levels, other industries,
such as inductive heating [101, 102], welding [103] and UPS [104-108], have successfully
implemented parallel power supply topologies.
A novel topology for parallel connection of soft-switching high-power inverters, as
shown in Figure 2-21, was described in [101]. The topology requires no extra reactive
components for parallelization and offers full control over power sharing under normal
operation conditions. However, since the topology uses a common dc link, a fault in one of
the parallel units causes the whole system to shut down. In addition, its LCL network is not
tuned to behave as a constant current source.

Figure 2-21: Parallel connection of soft-switching high power inverters. All parallel modules share a
common dc-link.
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Figure 2-22: Parallel connection of LCL-T resonant converters. Outputs are connected in parallel on the
dc side.

A different parallel power supply based on tuned LCL-T resonant systems was
outlined in [55], and shown in Figure 2-22. The parallel connection is made on the dc side and
the parallel power supply can minimize its dc output voltage ripple by varying the phase
difference between parallel modules.
In order to provide higher and more flexible output power levels for IPT systems, this
thesis presents a new parallel topology for LCL-T based IPT power supplies. The parallel
power supply is constructed by connecting identical LCL-T based IPT power supplies in
parallel across a shared track inductor, as shown in Figure 2-23.

Figure 2-23: The proposed parallel power supply topology. (Based on single LCL-T power supply)
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The parallel topology requires no extra reactive components for parallelization and
ensures complete control over power sharing amongst parallel modules. It can also continue
to operate when a faulty parallel module is electronically shut down, greatly improving the
usability and robustness of IPT systems for power sensitive applications. Flexible output
power levels can also be realized by connecting multiple power supplies in parallel. Chapter 3
will discuss open-loop characteristics of the parallel topology under different steady-state
operating conditions, while Chapter 4 will demonstrate the redundancy capability of the
parallel topology.

2.7. Generalized state-space averaging (GSSA)
Chapter 5 and Chapter 6 of this thesis investigate the control of the LCL-T based
parallel power supplies. A modeling technique, known as the Generalized State-Space
Averaging technique [109, 110], is used for deriving the small-signal model of the LCL-T
based IPT power supplies in Chapter 5.
The technique is particularly suitable for modeling high-order resonant type converters,
although several other modeling techniques, such as sampled-data modeling [52, 111], stateplane modeling [17, 24, 50] and unified general phasor transformation [112], have also been
proposed.
The modeling technique is derived based on the fact that a given waveform x(t) on the
interval (t-T,t] can be approximated with a Fourier series representation of the form:
x(t  T  s)    x k (t ) e jks ( t T  s )

(2.19)

k

Where the sum is over all integers k and the  x k (t ) are complex Fourier coefficients.
These Fourier coefficients are functions of time, and the kth coefficient is determined as:

 x  k (t ) 

1 T
x(t  T  s )e  jks ( t T  s )ds

0
T

(2.20)

The accuracy of the model depends on the value of k. Provided that higher harmonics are
filtered, resonant type converters can usually be accurately modeled by the fundamental
Fourier component (k=1). It should be noted that this condition is critical for the derivation of
the small-signal model in Chapter 5.
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The GSSA modeling method can produce the true rms value of a resonant waveform,
and the rms averaging period is set by the angular frequency  and k. For example, in order to
obtain the rms value of the fundamental harmonic of a 20 kHz resonant tank,  and k should
be set to 2 20 103 and 1, respectively. The modeling process can be thought of as having an
rms averaging window sliding across in time and producing the true rms value of the original

time

in

across

of

value

f ( x)

time

magnitude

RMS

window

averaging

RMS

sliding

signal, as shown in Figure 2-24.

f ( x)

Figure 2-24: Demonstration of the GSSA technique. The width of the rms averaging window is set to one
period of f(x) to extract the rms value of the fundamental harmonic only.

A key property of the Fourier coefficients is differentiation with respect to time, and it
is defined as:
d
d
 x k (t )  x k (t )  jks  x k (t )
dt
dt

(2.21)

This property will be used extensively in Chapter 5.
The derivation of a small-signal model typically includes the following steps. Firstly,
the state-space model of the circuit is formed. Secondly, Equation (2.21) is applied to the
state-space model to obtain a Fourier transformed state-space model. Thirdly, the steady-state
solution of the transformed model is derived by setting the derivative terms to zero and
solving the resulting simultaneous equations. Fourthly, each state variable is replaced by a
sum of its steady-state term and perturbation term. After linear expansion, only the linear
perturbation terms are preserved. Terms that contain multiplication of two perturbation terms
and pure steady-state terms are dropped as they do not capture the small-signal behavior of
the system. Lastly, the steady-state solutions derived in third step is substituted into the small-
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signal model derived in the fourth step to complete the model. This procedure will be
demonstrated in detail in Chapter 5.

2.8. Conclusion
The fundamental elements of an IPT system have been described with an emphasis on
the primary side. After comparing different existing power supply topologies, it was
concluded that the voltage-sourced LCL-T topology is suitable for medium and low power
applications. This chapter also identifies the need for higher and more flexible power levels
for IPT systems, and proposes a solution, which is a parallel topology based on the voltagesourced LCL-T topology. A technique used for deriving the small-signal model of the power
supply has also been introduced.
Both open-loop and closed-loop characteristics of the proposed parallel topology will
be investigated in detail from Chapter 3 to Chapter 6.
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Chapter 3.
A parallel topology for LCL-T based IPT power supplies
High power Inductive Power Transfer (IPT) systems operate at power levels of
100kW or more. However, existing high power IPT power supplies are typically designed for
one power level and, in low volume, are expensive to make, due to the use of high power
electronic components. This chapter presents a parallel IPT power supply topology that can
achieve high output power levels in a cost effective manner. The parallel topology can
minimize uneven power sharing due to component tolerance, and does not require any
additional reactive components for parallelization. In addition, flexible output power levels
may be achieved by connecting identical modules in parallel. A 6kW parallel power supply
has been constructed by connecting three 2kW LCL-T based power supplies in parallel. The
maximum efficiency of the power supply is measured to be 94%.
This chapter describes the parallel topology and its steady-state open-loop
characteristics. Section 3.1 introduces the parallel topology and identifies its key features.
Section 3.2 describes a theoretical model of N parallel power supplies. The real and reactive
power distributions of the parallel topology can be analyzed theoretically using the model.
Section 3.3 introduces a 6kW experimental system constructed by connecting three 2kW
LCL-T based power supplies in parallel. Section 3.4 evaluates the power sharing ability of
the parallel topology under different steady-state operating conditions. Section 3.5 presents
key experimental results of the prototype parallel power supply operating at 6kW, and
describes the structure of the controller. Finally, Section 3.6 shows how a parallel power
supply can be simplified and modeled as a single power supply.

3.1.

Description of the parallel topology
A parallel power supply is formed by connecting multiple single LCL-T based power

supplies in parallel across the track inductor, as shown in Figure 3-1. All the parallel units
share a common input voltage, parallel tuning capacitors (C2N), a track inductor (LTP) and a
reflected pickup resistance (Req). The dc-bus capacitor and input rectifier are not shared
amongst parallel modules. This condition is essential for the redundancy operation, which will
be described in detail in the next chapter.
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Figure 3-1: The parallel topology for IPT power supplies.

Assuming the transformers are ideal and have turns ratios of 1:1, the track inductance
of a parallel power supply LTP should ideally be equal to L2N/N to minimize H-bridge reactive
power:
LTP 

L2 N
N

(3.1)

Here N is the number of parallel units. All parallel modules have identical L2N values, and the
reactance of L2N and C2N are also identical.
Since the practical value of LTP cannot be made infinitely small, there exists an upper
limit on the number of power supplies that can be connected in parallel. For a given track
inductance value, N may be increased by increasing the value of L2N of each parallel module.
This can be achieved by increasing the leakage inductance of the transformer and/or
increasing the value of C1N. Further increases in N can be accomplished by connecting a
capacitor in series with the track inductor, effectively reducing the overall inductance of the
track. However, this method should only be applied if absolutely necessary, as it results in
higher voltage and current stresses on the series tuning capacitor and the track inductor.
For high power IPT applications, the parallel topology is cost effective for the
following reasons. Firstly, without using the parallel topology, an increase in the power level
may require a complete redesign of the power supply. This is typically a time-consuming and
expensive process. In contrast, flexible power levels can be realized by connecting different
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numbers of modular power supplies in parallel, reducing the design time and cost. Secondly,
the parallel topology can simplify the thermal design of a power supply, as the heat generated
is more distributed. Thirdly, compared to a single power supply, a parallel power supply of
the same power level permits the use of low rated components that are generally much
cheaper and easier to realize. These advantages become more obvious as the power level
increases.

3.2. Theoretical model of the parallel topology
In order to aid the derivation of the theoretical model, the parallel topology can be
redrawn by combining all the parallel capacitor C2N into CTOTAL, as shown in Figure 3-2.

Figure 3-2: A simplified view of the parallel topology. All the parallel capacitors C 2N are combined into
CTOTAL.

Here CTOTAL is:
N

CTOTAL  C2i  C21  C22    C2 N

(3.2)

i 1

At steady-state, assuming the transformers are ideal and have a 1:1 turns ratio and all
the parallel modules are fed by the same dc-bus voltage, the relationship between the Hbridge output voltage and current of each parallel module can be defined in the phasor domain
as:
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VBN  j L2 N I N  VT

(3.3)

Here VT represents the voltage across the track inductor LTP and the reflected load
resistance Req, as shown in Figure 3-2. VT is also the voltage across all the tuning capacitors
C2N. The value of VT depends on the number of parallel modules and can be expressed as:

VT  ITOTAL 

1
jCTOTAL 

1

(3.4)

j LTP  Req

Here, ITOTAL is the summation of all the secondary transformer winding currents ISN.
According to the dot conventions shown in Figure 3-2, IN is equal to ISN, and ITOTAL can be
expressed as:
N

N

i 1

i 1

ITOTAL   I Si  I S1  I S 2    I SN   I i  I1  I 2    I N

(3.5)

A theoretical model of a parallel power supply can be established by applying
equation (3.3) to every single parallel module, resulting in N simultaneous equations. The Hbridge current (IN) and the H-bridge real (PN) and reactive (VARN) power of each power
module and the track current (Itrack) can be calculated by solving these simultaneous equations.

3.3. A 6kW experimental parallel power supply
In order to verify the proposed parallel topology, three 2kW power supplies have been
connected in parallel to form a 6kW parallel power supply, as shown in Figure 3-3. The pickup is modeled by a power resistor that is connected in series with the track inductor, and the
resonant frequency of the experimental system is fixed at 20 kHz. The H-bridge driving
signals are generated using a synchronous clamped-mode technique, which will be described
in Section 3.4.3. The controller is implemented on Altera’s DE2 FPGA board using VHDL
language. 600V IGBT devices (IRGP20B60) from International rectifier are used. Component
parameters of the experimental system are listed in Table 3-1 and were measured using
Agilent E4980A precision RCL meter, which has an accuracy of approximated 0.1%. In
addition, all experimental current results presented in this thesis were measured using either
Agilent JP 50060508 or Agilent N2781A current probes, depending on the current value.
These two current probes have on average an accuracy of less than 1%. Furthermore, all
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experimental voltage results presented in this thesis were measured using P5200 High Voltage
Differential Probe from Tektronix, which has an accuracy of less than 3%.
Table 3-1: Parameters of a 6kW parallel power supply.
fresonant
L21
L23
C21
C22
C23

20 kHz
48.1uH
46.1uH
720.6nF
720.7nF
714.6nF

Input voltage
L22
n1:n2
Req
CBUS
LTP

230V@50Hz
48.2uH
29:40
3.7Ω
10uF(per module)
25.7uH

1
2
3

Controller
Figure 3-3: 6kW experimental system.

It should be noted that the input voltage of the experimental system can be either AC or DC.
In order to reach the required power level of 6kW, a 230V mains voltage was used to drive
the parallel power supply, as no DC supply above 3kW was available to emulate the input at
the time of experiment. In addition, the track inductance of the experimental system is also
slightly smaller than its ideal value of approximately 30uH, which is calculated as:
LTP  L2 N  (

n2 2 1
) 
n1
N

(3.6)

Results of the experimental system operating at 6kW will be shown in Section 3.5.
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3.4. Power sharing of the parallel topology at steady-state
At steady-state, power sharing amongst parallel modules is determined collectively by
L2N and the H-bridge output voltage VBN. The effects of L2N on power sharing are decoupled
from that of VBN by assuming perfectly synchronized H-bridge output voltages while varying
the values of L2N within practical bounds. Similarly, the effects of the H-bridge output
voltages on power sharing are decoupled from the effects of L2N by assuming a perfectly
tuned resonant tank and considering errors in synchronization. In order to simplify the
analysis without losing generality, the effects of L2N and VBN on power sharing are analyzed
on a perfectly tuned parallel power supply consisting of three identical modules.
Assuming the transformers are ideal and have turns ratio of 1:1, and the dc-bus
voltage of all three parallel modules are identical, the parallel power supply can be analyzed
theoretically using the model described in Section 3.2; three simultaneous equations can be
written to describe the parallel topology. The effects of L2N can be investigated by varying the
value of L2N in the model, while the effects of VBN can be examined by varying both its phase
and magnitude.
3.4.1. Effects of L2N on power sharing at steady-state

The effects of L2N on power sharing are investigated by simultaneously increasing the
value of L21 and decreasing the value of L23 by the same percentage (up to 20%), while
keeping the value of L22 constant at its ideal value. Figure 3-4 plots the normalized steadystate theoretical results of the real load power of Req, the H-bridge currents (I1, I2 and I3) and
the real (P1, P2 and P3) and reactive power (VAR1, VAR2 and VAR3) of each inverter bridge
against percentage of variation in L21 and L23 at a track Q of 1. The plotted results of the real
load power, the H-bridge currents and the H-bridge real power are normalized against their
respective values at zero percentage change in L2N, whereas the H-bridge reactive power is
normalized against the H-bridge real power at zero percentage change in L2N.
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Figure 3-4: Normalized steady-state theoretical results of the real load power, the H-bridge current and the Hbridge real and reactive power (Q=1) against percentage of variation in L21 and L23.

As can be seen, both the H-bridge output current (IN) and the H-bridge real power (PN)
vary inversely proportional to the inductance of L2N. The negative ratios of the reactive power
indicate that the impedance of all three H-bridges become slightly capacitive when L2N is
varied this way. The capacitive H-bridge impedance can be avoided by making the track
inductance slightly smaller than its ideal value, and its exact value can be found using the
theoretical model. It should be noted that the normalized ratio of the reactive power is linearly
proportional to the load resistance, whereas all the other normalized results are independent of
the track Q.
The normalized reactive H-bridge power ratios shown in Figure 3-4 are all very small.
This indicates that, when L2N is varied this way, the H-bridge impedance of all three parallel
modules are largely real. Therefore, this type of tuning of the parallel resonant tank may allow
H-bridge modules with different current ratings to be connected in parallel.
3.4.2. Effects of unsynchronized H-bridge output voltages on power sharing
Unsynchronized H-bridge output voltages are normally due to different propagation
delays in the switch driving circuitry and may be categorized into two distinctive scenarios,
which are illustrated in Figure 3-5 and Figure 3-11.

37

3.4.2.1. Effects of conduction angle variations

Figure 3-5: Three center-aligned H-bridge output voltages with different conduction angles

The first scenario is illustrated in Figure 3-5, and it focuses on the effects of
conduction angle difference on power sharing for center-aligned H-bridge output voltages.
Due to the complexity of the circuit, it is not possible to analyze this scenario using the
theoretical model. Instead, some experimental results are presented below to help explain the
effect of conduction angle differences on parallel operation. The experimental system has
been described in Section 3.3, and a DC input voltage of 60V was used for this experiment.
Figure 3-6 plots the normalized results of the H-bridge real power (P1, P2 and P3), the Hbridge current (I1, I2 and I3) and the track current of the experimental system. The conduction
angle of module 1(θ1) is varied from 0 to 180 degrees, while the conduction angles of module
2 and 3 (θ2 and θ3) are kept constant at 120 degrees. All the plotted results are normalized
against their respective values when the conduction angles of all three modules are at 120
degrees.
As θ1 is increased from 0 to 180 degrees, the real power of module 1 (P1) increases
with its conduction angle and the real power of module 2 and 3 (P2 and P3) remain relatively
constant. The track current of the parallel power supply also varies proportionally to the
conduction angle of module 1. However, a different trend is observed for the H-bridge current
of module 1, which increases as θ1 is reduced from 100 to 0 degrees. This is due to a
circulating current that occurs when two parallel modules operate with a large conduction
angle difference. The circulating current occurs in the H-bridge operating with a smaller
conduction angle.

38

Figure 3-6: Normalized steady-state experimental results of the real load power, the H-bridge current and
the track current of the experimental system. θ1 is varied from 0 to 180 degrees, while θ2 and θ3 are fixed
at 120 degrees. Three H-bridge output voltages are all centre-aligned.

The cause of the H-bridge circulating current can be explained by considering the
operation of two identical parallel modules, as shown in Figure 3-7. For simplicity, the input
rectifiers, transformers and dc-bus capacitors have all been removed and the two parallel
tuning capacitors have been combined into CTOTAL. In addition, ZT represents the equivalent
impedance of the track inductor LTP and the reflected pickup resistance Req.
In order to explain the H-bridge circulating current, the conduction angle of the left
module in Figure 3-7 is deliberately made larger than that of the right module. The switch
driving signals and the H-bridge output voltages are illustrated in Figure 3-8. It should be
noted that vba(t) and vbb(t) are center-aligned.
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Figure 3-7: Two identical parallel modules operating with a large conduction angle difference.

Figure 3-8: The H-bridge output voltages and switch driving signals of the system in Figure 3-7.

As can be seen from Figure 3-8, H-bridge A conducts between t1 and t4 while Hbridge B conducts between t2 and t3. For the time duration between t1 and t2, the bottom two
switches (S4B & S2B) of H-bridge B are on simultaneously. This creates a short-circuit
condition across the outputs of H-bridge B, allowing a circulating current driven by H-bridge
A to flow in a loop containing S4B and S2B. The same process occurs between t3 and t4,
causing circulating current to build up in a loop containing S1B and S3B. Due to the presence
of L2B, the circulating current cannot change abruptly, and its magnitude is approximately
proportional to the difference in conduction angle. Therefore, if conduction angle difference is
used to adjust power sharing among parallel modules, it should ideally be limited within 10
degrees or less.
In addition to the changes in the real power and the H-bridge current, difference in
conduction angles also creates reactive power in the parallel resonant tank. Figure 3-9 plots
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the experimental waveforms of three center-aligned H-bridge voltages and their respective
currents. The conduction angles of vb1(t), vb2(t) and vb3(t) are 145, 120 and 95 degrees. As can
be seen, the H-bridge impedance is the most inductive for a parallel module with the largest
conduction angle and the most capacitive for a parallel module with the smallest conduction
angle.

vb1 (t )

vb1 (t )

i1 (t )

vb 2 (t )
i2 (t )

vb 2 (t )

vb 3 (t )
(b)

(a)

vb 3 (t )

vb1 (t )
vb 2 (t )
vb 3 (t )
i3 (t )
Figure 3-9: Experimental waveforms of the prototype system. Three H-bridge output voltages are
centered-aligned. θ1=145°, θ2=120° and θ3=95°.

It should also be noted that conduction angle difference between center-aligned Hbridge output voltages do not cause variations in the dc-bus voltage of parallel modules.
Figure 3-10 shows the experimental waveforms of three center-aligned H-bridge output
voltages operating at a no load condition. The conduction angle of vb1(t), vb2(t) and vb3(t) are
140, 120 and 100 degrees, respectively. A dc input voltage of 50V is used in this experiment.
As can be seen from Figure 3-10, the dc-bus voltages of the three parallel modules are
identical.

41

V

0

5

V

0

5

1  140

V

0

5

 2  120
3  100

Figure 3-10: Three center-aligned H-bridge output voltages at a no load condition. The dc-bus voltages
are 50V for all three parallel modules.

3.4.2.2. Effects of phase delays
The second scenario, as shown in Figure 3-11, focuses on the effects of phase delay between
H-bridge output voltages that have identical conduction angles.

Figure 3-11: Phase delayed H-bridge output voltages with identical conduction angles.

This scenario can be analyzed using the theoretical model by assuming three tuned parallel
modules. Figure 3-12 plots the normalized theoretical results of the real load power, the Hbridge current (I1, I2 and I3) and the real (P1, P2 and P3) and reactive (VAR1, VAR2 and VAR3)
power of three H-bridges when the phase delay (td in Figure 3-11) is increased from 0 to 10
degrees at a track Q of 1. The results of the real load power, the H-bridge current and real
power are normalized against their respective values when td is zero, whereas the H-bridge
reactive power is normalized against the real power value when td is zero.
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Figure 3-12: Normalized steady-state theoretical results of the real load power, H-bridge current and real
and reactive power against phase delay td.

As can be seen, the H-bridge current and H-bridge real power increases for a leading
module (VB1) and decrease for a lagging module (VB3). In addition, the phase delay also
causes the H-bridge impedance to become more inductive for a leading module (VAR1) and
more capacitive for a lagging module (VAR3). The theoretical result in Figure 3-12 also
shows that the real load power decrease slightly as td is increased from 0 to 10 degrees. The
largest reduction is approximately 2% at a td value of 10 degrees. This amount of reduction in
the track current is negligible for most applications, but can be compensated by a closed-loop
track current controller if required.
Figure 3-13 below compares the theoretical and experimental normalized steady-state
ratios of the real load power, the H-bridge real power and the H-bridge current of the
experimental system plotted against phase delay td. The experimental system was described in
3.3, and it has a slightly smaller track inductance than the ideal value. As can be seen, the
theoretical predictions are in good agreements with the experimental results. The drop in real
load power, as shown in Figure 3-12, is also observed on the experimental system. The slight
discrepancy between the theoretical and experimental results is within measurement accuracy
of the equipment (as discussed in Section 3.3), and is acceptable considering the range of
variation for the normalized real load power is less than 2% in Figure 3-13.
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Figure 3-13: Experimental and theoretical normalized steady-state results of real load power, H-bridge
current (IN) and H-bridge real power (PN) of the experimental system against phase delay td.

Phase delays lead to increases in the dc-bus voltages of lagging modules at light load
conditions. Figure 3-14 shows the experimental waveforms of three H-bridge output voltages
operating at a no load condition. As can be seen, vb1(t) leads vb2(t) by 10 degrees, while vb2(t)
leads vb3(t) by 10 degrees. All H-bridge output voltages operate at a conduction angle of 120
degrees, and an input of 50V dc was used for this experiment. As can be seen, the dc-bus
voltages of modules 2 and 3 are driven by module 1, resulting in an increase in the dc-bus
voltages of module 2 and 3 from the nominal value of 50V to 80V. Although this problem
does not exist at large load resistance values, the phase delays should be minimized for a
parallel power supply.
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vb 2 (t )
vb1 (t )
vb 3 (t )

Figure 3-14: H-bridge output voltages of the experimental system. vb1(t) leads vb2(t) by 10 degrees, and
vb2(t) leads vb3(t) by 10 degrees. The conduction angles of all three H-bridge output voltages are at 120
degrees. Input voltage is 50V dc.

Practically, phase delays between parallel modules are collectively determined by the
propagation delays in the switch driving circuitries, the synchronization of the switch driving
signals and the rise and fall times of the switches. Phase delays of approximately 0.1 degrees
have been observed on the experimental system, which uses randomly selected parts in its
switch driving circuitry and is controlled by an FPGA chip that outputs perfectly
synchronized switch driving signals. Figure 3-15 shows the experimental waveforms of vb1(t),
vb2(t) and vb3(t) operating with zero phase delay and at a common conduction angle of 120
degrees. Figure 3-16 shows zoomed-in views of Figure 3-15, focusing on the transition edges
of the H-bridge voltages. As can be seen, the largest delay is approximately 17ns, which is
approximately 0.1 degrees. This is largely caused by different delays in the switch driving
circuitries and different switch rise and fall times. According to the theoretical results
presented in this chapter, such a small delay does not cause significant uneven power
distribution among parallel modules. In other words, if necessary, the experimental system
can be driven with a common set of driving signals.
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Figure 3-15: Experimental waveforms of vb1(t), vb2(t) and vb3(t) at zero phase delay. The conduction angles
of all three H-bridge output voltages are at 120 degrees. Input voltage is 230V DC.

vb 3 (t )
Figure 3-16: Zoomed-in views of Figure 3-15 showing an average delay of approximately 16ns between
transition edges of H-bridge output voltages. ( 0.1 degree phase shift is approximately 14ns )

3.4.3. Synchronous clamp-mode H-bridge control
As can be seen from the previous section, variations in phase delay and conduction
angle can affect the power sharing significantly. However, these properties may also be used
advantageously to compensate for uneven power distribution caused by non-ideal L2N values
and unsynchronized switch driving signals. Since the standard clamped-mode control
technique, as shown in Figure 2-11, has no means of controlling the phase difference between
two H-bridge output voltages, a synchronous clamped-mode control technique that allows
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complete control of the phase and conduction angle of the H-bridge output voltage is
proposed for the parallel power supply. Figure 3-17 below illustrates the control technique.

Figure 3-17: The synchronous clamped-mode H-bridge control.

The sync(t) signal is a 50% duty cycle square wave at the IPT resonant frequency. Its
purpose is to provide timing information to the digital modulator so that the mid-points of the
positive and negative periods of the H-bridge output voltage occur at the transition edges of
the sync signal. This is accomplished by generating the driving signals for S1 and S3 by
delaying the sync signal by

T

2 2



and

T



2 2

seconds, respectively.

Figure 3-18 below shows an example of using the control technique to generate two
phase-shifted H-bridge output voltages that operate at different conduction angles. As can be
seen, the phase delay between vb1(t) and vb2(t) is controlled by sync1(t) and sync2(t).

Figure 3-18: vb1(t) and vb2(t) are generated using the synchronous clamped-mode control technique. A
phase delay of td is introduced between vb1(t) and vb2(t), and the conduction angles are also different.

In order to ensure correct H-bridge output voltage waveforms, the digital modulator
should only read the conduction angle value on either the rising or falling edge of sync(t).
Figure 3-19 illustrates the waveforms of the switch driving signals and the H-bridge output
voltage when the conduction angle is decreased from θ1 to θ2 at t1 (θ1 > θ2). The new
conduction angle θ2 is read by the digital modulator at the rising edge of sync(t) (t2), which is
the closest transition edge of sync(t) after the assertion of θ2. The H-bridge output voltage vb(t)
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is updated at the next transition edge (t3) of sync(t). It should be noted that in order to ensure
the frequency of the H-bridge output voltage is always constant, both the duty cycle and
frequency of the switch driving signals are varied during a step change in the conduction
angle. This can be seen from s1(t) and s3(t) in Figure 3-19.

Figure 3-19: Waveforms of the H-bridge driving signals and output voltage when conduction angle is
stepped from θ1 to θ2. (θ1 > θ2)

This modulation scheme eliminates the phase change in the fundamental harmonic of
the H-bridge output voltage when the conduction angle is varied, thus guaranteeing a
constant-frequency H-bridge output voltage at all times. It also provides the ability to control
the phase and conduction angle of H-bridge output voltages.

3.5. Steady-state results of the experimental system operating at 6kW
Since no dc voltage source over 3kW was is available at the time of experiment, the
6kW experiment was conducted using a mains voltage of 230V. Table 3-2 lists key results of
the prototype system operating at 6kW. As expected, a smaller L23 value does indeed lead to
more real power being drawn from the third parallel module. The operating efficiency of the
power supply and track at 6kW is approximately 94%.
Table 3-2: Results of the experimental system operating at 6 kW.
Operating conduction angle
Real power of module 1
Real power of module 2
Real power of module 3
Track current
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71 degrees
2024 W
2001 W
2097 W
39.7 Arms

Figure 3-20 below shows the experimental waveforms of the experimental system
operating at 6kW. As can be seen, the input currents of three parallel modules (IIN1, IIN2 and
IIN3) are sinusoidal due to the small dc-bus capacitor, and the track current is amplitude
modulated at twice the input frequency.

I IN 1

I IN 2

I IN 3

I track

Figure 3-20: Experimental waveforms at 6kW. IIN1, IIN2 and IIN3 are the input current of module 1, 2 and 3,
respectively.

VB1

VB1

VB 2

I1
I2

VB3
I3

Figure 3-21: Experimental waveforms of the H-bridge output voltage and current of the prototype system
operating at 6kW.

Figure 3-21 shows the experimental waveforms of the H-bridge voltages and currents
of three parallel modules operating at 6kW. The H-bridge currents lag the H-bridge voltages
slightly, indicating an inductive H-bridge impedance for all three H-bridges. The slight droop
on the VBn waveforms is due to the small dc-bus capacitance, which cannot hold the dc-bus
voltage constant while the H-bridge connects the input to the resonant tank. For a given dcbus capacitance, the droop becomes larger as the power level increases, and results in a
slightly smaller experimental H-bridge output voltage than the theoretical prediction, which
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assumes a constant dc-bus voltage. It should be noted that this droop does not affect the
operation of the power supply.
3.5.1. Open-loop controller

Figure 3-22 shows a simplified structure of the experimental open-loop controller. It
consists of a master controller and N number of digital modulators, all of which are
implemented on an FPGA chip. The master controller is created using Altera’s SOPC (System
On a Programmable Chip) builder and is programmed with C language. Each digital
modulator contains a phase delay block, an H-bridge driving signal generation block and
redundancy controller block, all of which are created using VHDL. Connections between the
master controller and digital modulators are routed inside the FPGA chip by Altera’s Quartus
software. The phase delay block is capable of delaying the sync signal by up to a full resonant
period. The H-bridge driving signal generation block converts a conduction angle into Hbridge driving signals according to the synchronous clamped-mode control technique. Finally,
the redundancy controller controls how a parallel module is switched off in case of a failure.
The redundancy features will be described in detail in the next chapter.

Figure 3-22: N digital modulators controlled by a master controller.
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Implementing the controller on an FPGA chip has the following advantages. Firstly,
small time delays (in the order of nanoseconds) can be easily realized on FPGA chips. This
allows for fine adjustment of the phase and conduction angle. Secondly, FPGA chips can
provide direct timing control and perfect synchronization, which are essential for generation
of synchronous driving signals. Lastly, hardware limitations, such as interrupts and dedicated
hardware resources, are much less obvious on such systems, allowing for an easy increase in
the number of parallel modules compared to standard microcontrollers.

3.6. An equivalent model of the parallel power supply
A parallel power supply may be modeled as single unit, provided all the parallel
modules have identical component values and synchronized H-bridge output voltage. Figure
3-23 illustrates the transformation of a parallel power supply into its single equivalent model.
This transformation relies on two facts, which are parallel connection of N number of L2N
leads to an equivalent inductance of L2N/N, and parallel connection of N number of C2N leads
to an equivalent capacitance of NC2N. By modeling a parallel power supply with its single
equivalent model, all the results derived for a single power supply can also be applied for a
parallel power supply.
This simplification also allows the closed-loop controller of a parallel power supply to
be analyzed and designed using the small-signal model of its single equivalent model,
dramatically simplifying the modeling and control of a parallel power supply. This will be
demonstrated in detail in Chapter 6.
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Figure 3-23: Equivalent circuit of a parallel power supply (N parallel modules).

3.7. Conclusions
A parallel topology for LCL-T based IPT power supplies has been introduced. Its
power sharing capability under different operating conditions has also been investigated in
detail. It was shown that the power distribution is purely determined by the value of L2N when
H-bridge output voltages are perfectly synchronized. The effects of asynchronous H-bridge
output voltages have also been analyzed by considering two representative scenarios. For
center-aligned H-bridge output voltages, small conduction angle differences (less than 10
degrees) can cause uneven power distribution. In contrast, large conduction angle differences
can cause excessively large H-bridge circulating current, which can potentially damage the Hbridge switches. Therefore, it is imperative to keep the conduction angle differences less than
10 degrees for center-aligned H-bridge output voltages during normal operation. Conduction
angle differences may be used advantageously for compensating uneven power distribution
caused by non-ideal L2N values. Phase shifts between the H-bridge output voltages can also
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cause uneven power distribution. It was also confirmed that large phase difference under
lightly loaded conditions can result in a large dc-bus voltages for the lagging parallel module.
Therefore, phase delays between parallel modules should be minimized during operation.
A synchronous clamped-mode technique that can generate perfectly synchronized Hbridge output voltages was proposed for driving the parallel topology. Finally, the parallel
topology was experimentally verified using a 6kW prototype constructed by connecting three
2kW power supplies in parallel. The operating efficiency of the prototype system at 6 kW was
measured to be 94%.
This chapter also demonstrated how a parallel LCL-T based power supply can be
simplified and modeled as a single power supply. This transformation allows key properties
associated with a single power supply to be directly applied for a parallel topology,
simplifying the analysis and control of a parallel power supply. The next chapter will discuss
the redundancy features of the parallel topology.
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Chapter 4.
Redundancy features of the parallel power supply
An important feature of the proposed parallel power supply topology is its ability to
operate continuously when a faulty parallel unit is electronically shut down. A faulty module
can be turned off by either open-circuiting or short-circuiting its H-bridge outputs. This
feature dramatically improves the availability and reliability of such systems.
This chapter will analyze the steady-state and transient behaviors of the parallel power
supply for both types of shutdown. Theoretical analyses in this chapter assume a dc input
voltage, along with a 1:1 turns ratio for all transformers and a perfectly tuned parallel resonant
tank. In addition, the operating frequency of the remaining modules is unchanged after the
shutdown of the faulty module.

4.1. Shutdown type 1
A faulty parallel module can be turned off by simultaneously open-circuiting all four
H-bridge switches, as shown in Figure 4-1, which assumes the top parallel module is faulty.

Figure 4-1: Shutdown type 1. H-bridge 1 is shut down by open-circuiting all four H-bridge switches.

This type of shutdown open-circuits the H-bridge outputs of the faulty module, and
can be used to shut down a parallel module if its H-bridge current exceeds the safety limit, or
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if one of the H-bridge switches fails to open-circuit. After shutdown, input power stops
flowing into the faulty module and the four anti-parallel diodes in H-bridge 1 forms a fullbridge rectifier, allowing energy in the parallel resonant tank to flow into Cbus1 whenever the
absolute magnitude of VB1 is greater than the input voltage. Resonant tank energy stops
flowing into H-bridge 1 when the voltage of Cbus1 is charged higher than the absolute peak
magnitude of VB1, resulting in zero H-bridge current in the faulty module.
4.1.1. Shutdown steady-state analysis

This type of shutdown detunes the parallel resonant tank of the power supply and
causes the H-bridge impedance of the non-faulty modules to become more inductive, which
reduces the operating efficiency but is still safe for the H-bridge to drive. After the shutdown
of H-bridge 1, the primary side of transformer T1 is open-circuited. This effectively removes
L21 from the parallel resonant tank and adds the secondary self-inductance (Ls1) of T1 to the
parallel resonant tank. In addition, since there are three parallel modules before shutdown, the
designed value of LTP is L2N /3. However, after the shutdown of H-bridge 1, the new required
track inductance value is changed to L2N/2, as there are only two parallel modules operating.
This effectively means that the original track inductance is smaller than the new ideal value
by L2N /6.
The detuning effects of this type of shutdown can be analyzed theoretically by
modifying the theoretical model of the parallel topology to take into account the changes in
the resonant tank after shutdown. At steady-state, the power supply in Figure 4-1 can be
modeled as:

VT  ( I S 2  I S 3 ) 

VB 2  j L22 I 2  VT

(4.1)

VB3  j L23 I3  VT

(4.2)

1
1
1
j (C21  C22  C23 ) 

j LS1 j LTP  Req

(4.3)

This model can be easily expanded for N parallel modules, and is validated by
simulation. Figure 4-2 below plots the normalized steady-state theoretical and simulated ratios
of the track current and the H-bridge current of a non-faulty module against the track Q when
one parallel module is shut down. The results are normalized against their respective values
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when all parallel modules are operating. Results for up to five parallel modules are shown.
Both the simulation and theoretical models assume a perfectly tuned resonant tank, and a LS1
value of 7mH.

Figure 4-2: Normalized steady-state theoretical and simulated ratios of the H-bridge current of the non-faulty
modules and the track current when a parallel module is turned off by shutdown type 1. Results are normalized
against their respective values, and shown for up to five parallel modules.

As can be seen, the shutdown of one parallel module causes the H-bridge current of all
remaining parallel modules to increase. This is due to the changes in the H-bridge impedance
of the remaining modules after shutdown. The exact amount of reactive H-bridge power
change can be analyzed using the theoretical models described above. The increase in the Hbridge current becomes smaller as the number of parallel modules increases. Additionally, the
shutdown of one parallel module causes the track current to decrease and the amount of
reduction decreases as more parallel modules are connected in parallel. Since power delivered
to the load resistor is proportional to the track current squared, variations in load power can
also be deduced from Figure 4-2 by squaring the normalized ratios of the track current.
Figure 4-2 also shows that the normalized ratio of the H-bridge current of a non-faulty
module increases with Q. However, the larger normalized ratios at high Q values do not
necessarily lead to larger H-bridge current of non-faulty modules after shutdown. This is
because the H-bridge current before shutdown is inversely proportional to the track Q value.
Figure 4-3 offers an alternative view of Figure 4-2 by normalizing the H-bridge current of a
non-faulty module after shutdown against the H-bridge current at a Q of 1 before shutdown.
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Figure 4-3: Normalized steady-state ratios of the H-bridge current of the non-faulty modules when a
parallel module is turned off by shutdown type 1. The results are normalized against the H-bridge current
at a Q of 1 before shutdown. Results for up to five parallel modules are shown.

As shown in Figure 4-3, the normalized ratios decrease as the Q value increases and
the largest H-bridge current after shutdown occurs at a Q of 1. The largest H-bridge current
after shutdown occurs for the “one on, one off” scenario.
4.1.2. Shutdown transient analysis

Figure 4-4 shows the transient waveforms of the experimental system when H-bridge
1 is turned off. The conduction angles of H-bridge 2 and 3 are fixed at 120 degrees throughout
the shutdown process, and a dc input voltage of 60V is used for this redundancy experiment.

Figure 4-4: Transient waveforms of the experimental system. Unit 1 is turned off by open-circuiting all four Hbridge switches. The conduction angles of H-bridge 2 and 3 are fixed at 120 degrees.

After shutdown, the H-bridge current of the faulty module (i1(t)) decreases to zero,
and the H-bridge output voltage vb1(t) becomes a sinusoidal voltage as it is driven by the
resonant tank. In addition, the track current is also reduced by approximately 6% after
shutdown. Due to the presence of Cbus1, which absorbs the transient energy in the resonant
tank, no significant transient overshoots are observed in the waveforms of i2(t) and itrack(t).
After the shutdown of a parallel module, the reduction in the track current can be
compensated as much as possible by synchronously increasing the conduction angles of the
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remaining modules from their nominal operating values to 180 degrees, which is the
maximum conduction angle value. Figure 4-5 below demonstrates full compensation of the
reduction in track current, as shown in Figure 4-4, by synchronously ramping the conduction
angle of vB2(t) and vB3(t) from 120 to 180 degrees over approximately 15 resonant cycles after
the shutdown of H-bridge 1.

Figure 4-5: Full compensation of the track current. The conduction angles of VB2 and VB3 are synchronously
ramping from 120 to 180 degrees after the shutdown of H-bridge 1.

It should be noted that since the level of track current magnitude which can be
restored after shutdown is limited by the maximum H-bridge conduction angle of 180 degrees,
track current reductions larger than that shown in Figure 4-4 cannot be fully compensated.
According to Figure 4-2, this can happen for systems with a smaller track Q value or if less
modules are connected in parallel.
The state of the resonant tank at the instant of shutdown does not affect the shutdown
transient responses significantly. In order to better compare the transient response of the
sinusoidal currents and voltages at different operating conditions, a digital rms-dc conversion
technique is used to extract the true rms value of the sinusoidal signals. The technique
calculates the instantaneous rms value of a fixed-frequency signal, thereby revealing more
information regarding the transient response of a resonant signal. The technique is described
below.
4.1.2.1. Digital rms to dc conversion

In order to ensure the accuracy of the calculated rms results, a sinusoidal signal should
normally be uniformly sampled at a rate at least 20 times higher than the fundamental
frequency of the sinusoidal signal. Figure 4-6 illustrates the digital rms-dc conversion
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technique by showing a sinusoidal signal f(t) and its calculated rms values. The sinusoidal
signal f(t) is set to remain at zero for the first period and steps into a constant-amplitude 20
kHz sine wave at the start of the second period. A sampling rate of 500 kHz is used. As
shown in Figure 4-6, the digital samples are scanned by a sliding window, which moves along
in time and has a width equal to the rms averaging time constant. Inside the sliding window,
there are 25 samples, all of which are substituted into equation (4.4) for calculating of the
instantaneous rms value of the sinusoidal signal.
m

xi ( rms ) 



i  m 24
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Figure 4-6: Digital rms-dc conversion technique

As the scanning window slides across in time, it continuously updates all its 25
samples at a rate of 500 kHz by pushing the oldest sample out of the queue and pushing the
newest sample into the front of the queue. Each time the queue is updated, an rms calculation
is performed according to equation(4.4). A calculated rms result therefore represents the
instantaneous rms value of f(t) at the corresponding sampling instance. It should be noted that
the rms calculation should only start after the queue is filled with the first 25 samples and no
calculation is performed prior to this. After the 50th sample, the calculated rms value in
Figure 4-6 reaches its steady-state value. This is expected as all the 25 samples in the queue at
this point in time correspond to a full period of a sine wave.
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Figure 4-7 below demonstrates the application of the digital conversion technique on
an experimental sinusoidal signal, which has significant transient overshoots. The sinusoidal
signal has a fixed frequency of 20 kHz, and is sampled by an oscilloscope at 500 kHz. The
calculated rms values are plotted with the thicker line. As can be seen, the digital rms to dc
conversion technique is very effective in extracting the rms value of a fixed-frequency
sinusoidal signal, and the extracted rms value provides much more information about the
transient behavior of the actual sinusoidal signal.

Figure 4-7: Digital rms-dc conversion performed on a 20 kHz experimental sinusoidal signal. Sampling
rate is 500 kHz.

Using the rms-dc conversion technique, Figure 4-8 and Figure 4-9 plots the
experimental transient responses of the rms track current and rms H-bridge current when Hbridge 1 is turned off at different instants. Four different time instants are selected based on
the operating waveform of the H-bridge output voltage vb1(t), and are also illustrated in
corresponding figures.
As can be seen from Figure 4-8 and Figure 4-9, the transient responses of the resonant
tank are largely independent of the state of the resonant tank at the instant of shutdown.
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Figure 4-8: Experimental transient responses of the track rms current when H-bridge 1 is turned off at
different instants. Track Q is 1.5, and input voltage is 60V.

Figure 4-9: Experimental transient responses of the H-bridge rms current of H-bridge 2 when H-bridge 1
is turned off at different instants. Track Q is 1.5, and input voltage is 60V.
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In contrast, the resonant tank is more damped at larger load resistance (Req) values.
Figure 4-10 and Figure 4-11 compare the experimental transient responses of the rms track
current and the rms current of H-bridge 2 when H-bridge 1 is turned off at two different load
resistance values.

Figure 4-10: Experimental transient responses of the rms track current when H-bridge 1 is turned off. (a)
load resistance Req is 0Ω. (b) load resistance Req is 1Ω. Input voltage is 60V.

Figure 4-11: Experimental transient responses of the rms current of H-bridge 2 when H-bridge 1 is turned
off. (a) load resistance is 0Ω. (b) load resistance is 1Ω. Input voltage is 60V.

Clearly, the transient response is more damped at a larger Req values (small track Q
values). In Figure 4-10(a), the peak values of the transient oscillation are smaller than the rms
track current value before shutdown. Therefore, no excessive power is delivered to the pickup during this transient period. In contrast, the transient peaks in the H-bridge rms current, as
shown in Figure 4-11(a), are much higher than its new steady-state value after shutdown.
However, since the H-bridge current is small at small load resistance values, the H-bridge
switches do not need to be over-rated to handle the transient overshoot in Figure 4-11(a). In
fact, the peak H-bridge current value in Figure 4-11(a) is smaller than the nominal H-bridge
current before shutdown in Figure 4-11(b).
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4.1.3. Charging of dc-bus capacitor during shutdown

The shutdown of H-bridge 1 causes the dc-bus voltage of the faulty module to be
charged up. The transient voltage trajectory of Cbus1 undergoes two distinctive charging
phases. The first charging phase occurs immediately after the shutdown of H-bridge 1. Its
transient response is primarily determined by the voltage of Cbus1 at the instant of shutdown.
The second charging phase occurs after the first one and has a much longer duration. During
this phase, the dc-bus voltage of Cbus1 is slowly charged to the absolute magnitude of VB1, if
VB after shutdown is larger than the input voltage. During normal operation, the dc-bus
voltage has small-amplitude ripples at twice the resonant frequency superimposed onto its dc
component. This is due to the operation of the H-bridge, which connects the input voltage to
the resonant tank twice per resonant period. The dc-bus voltage increases when the H-bridge
disconnects the input to the resonant tank and decreases when the H-bridge conducts. The
amplitude of this ripple is inversely proportional to the size of the dc-bus capacitor and
proportional to the operating power level.
Figure 4-12 and Figure 4-13 compare the experimental transient voltage trajectories of
Cbus1 when H-bridge 1 is turned off at different dc-bus voltage values. H-bridge 1 is turned off
at the average dc-bus voltage in Figure 4-12, whereas H-bridge 1 is turned off at the minimum
dc-bus voltage in Figure 4-13. Both zoomed in and zoomed out views are provided to
illustrate the two charging phases. Input voltage is 60V dc.
As can be seen, the magnitude of the dc-bus voltage ripple before shutdown in Figure
4-12 and Figure 4-13 is about 6V. Since a smaller dc-bus voltage at the instant of shutdown
allows more energy to flow from the resonant tank into the dc-bus capacitor during the first
charging phase, the transient charging trajectory in Figure 4-13 has a much larger overshoot.
At the end of the second charging phase, the dc-bus voltage trajectories in Figure 4-12 and
Figure 4-13 both reach a steady-state value of 68.8V. This is the absolute peak magnitude of
VB1 after shutdown, and is determined by the operating condition of the remaining modules. If
the conduction angles of module 2 and 3 are very small after shutdown, it is possible for the
absolute peak magnitude of VB1 to be smaller than the input voltage. In this case, the steadystate voltage of Cbus1 after shutdown is the same as the input voltage. In addition, a larger dcbus capacitance leads to a longer second charging period.
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Figure 4-12: Transient experimental waveforms of VB1, I1 and dc-bus voltage (Cbus1). H-bridge 1 is turned
off when the voltage across Cbus1 is at its average value. (a) a zoomed in view. (b) a zoomed out view.
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Figure 4-13: Transient experimental waveforms of VB1, I1 and dc-bus voltage (Cbus1). H-bridge 1 is turned
off when the voltage across Cbus1 is at its minimum value. (a) a zoomed in view. (b) a zoomed out view.

Regardless of the dc-bus voltage at the instant of shutdown, the magnitude of the
transient dc-bus voltage peak is always well below the maximum voltage rating of the dc-bus
capacitor, therefore no overvoltage protection is required.

4.2. Shutdown type 2
A parallel module can also be turned off by short-circuiting its H-bridge outputs. This
technique can be used to protect a parallel unit if one of its H-bridge switches fails to shortcircuit. Figure 4-14 shows the shutdown of H-bridge 1 by turning on S1 and S3 simultaneously.
It should be noted that H-bridge 1 can also be turned off by turning on S2 and S4
simultaneously.
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Figure 4-14: Shutdown type 2. H-bridge 1 is turned off by turning on the top two switches.

4.2.1. Shutdown steady-state analysis

Similar to shutdown type 1, this type of shutdown also detunes the parallel resonant
tank and causes the H-bridge impedance of the non-faulty modules to become more inductive.
After shutdown, the original track inductance of L2N /3 is larger than the new ideal value by
L2N /6 after shutdown.
Similar to shutdown type 1, the detuning effects of this type of shutdown can be
analyzed theoretically by modifying the theoretical model of the parallel topology to take into
account the changes in the resonant tank after shutdown. At steady-state, the power supply in
Figure 4-14 can be modeled as:

VT  ( I S 2  I S 3 ) 

VB 2  j L22 I 2  VT

(4.5)

VB3  j L23 I3  VT

(4.6)

1
1
1
j (C21  C22  C23 ) 

j L21 j LTP  Req

(4.7)

This theoretical model can be easily expanded for analyzing N parallel modules, and
has been verified by simulation results. Figure 4-15 plots the normalized steady-state
theoretical and simulated ratios of the track current and the H-bridge currents of faulty and
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non-faulty modules against the track Q when one parallel module is turned off. The results are
normalized against their respective values when all modules are operating at the
corresponding Q values, and assume a perfectly tuned resonant tank. Results for up to five
parallel modules are shown.

Figure 4-15: Normalized steady-state theoretical and simulated ratios of the H-bridge currents of faulty and nonfaulty modules and the track current when a parallel module is turned off by short-circuiting its H-bridge outputs.
Results are normalized against their respective values at the corresponding Q value. Results for up to five
parallel modules are shown.

As can be seen, the track current decreases after shutdown and the amount of this
reduction becomes smaller as the number of parallel modules increases. In addition, the Hbridge currents of both the faulty and non-faulty modules increase when a parallel module is
turned off. This reflects changes in the H-bridge impedance of the remaining modules due to
the shutdown of a parallel module. The amount of increase in the H-bridge current of a nonfaulty module becomes smaller as more modules are connected in parallel. In contrast, the
increase in the H-bridge current of a faulty module becomes larger as more modules are
connected in parallel. However, similar to shutdown type 1, the large normalized ratios of Hbridge current at high track Q values do not necessarily imply excessively large H-bridge
currents after shutdown. This is because the H-bridge current before shutdown is inversely
proportional to track Q. Figure 4-16 below plots the H-bridge current of non-faulty and faulty
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modules and the track current, all of which are normalized against their corresponding values
before shutdown at a Q of 1.

Figure 4-16: Normalized theoretical steady-state ratios of the H-bridge currents of faulty and non-faulty modules
and the track current when a parallel module is turned off by short-circuiting its H-bridge outputs. The plotted
results are normalized against their respective values before shutdown at a Q of 1. Results for up to five parallel
modules are shown.

As shown in Figure 4-16, after shutdown the magnitude of the H-bridge currents of
both the faulty and non-faulty modules decrease as track Q increases, and the largest H-bridge
currents after shutdown are observed at a track Q of 1.
According to Figure 4-15 and Figure 4-16, the magnitude of the track current after
shutdown is independent of the track Q. This is because the resonant tank after shutdown is
still tuned, resulting in a constant track current against variations in LTP and Req. Figure 4-17
illustrated the structure of the resonant tank after shutdown of H-bridge 1. Since L21 and C21
are tuned to resonate at the operating frequency, their parallel connection can be considered as
an open circuit and removed from the resonant tank. However, currents still circulate in L21
and C21 after shutdown. Since the output voltage of H-bridge 2 and 3 are identical after
shutdown, the remaining two parallel modules can be effectively combined into one. Figure
4-18 shows the equivalent circuit of Figure 4-17. Note the parallel connection of L22 and L23
halves the value of L2N, whereas parallel connection of C22 and C23 doubles the value of C2N.
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Figure 4-17: Structure of a parallel power supply after shutdown of H-bridge 1.

Figure 4-18: Equivalent circuit of Figure 4-17.

Since the reactance of L2N and C2N in Figure 4-18 are identical, the resonant tank is
still tuned after shutdown. According to equation (2.4) in Chapter 2, the track current is
independent of the track Q for a tuned LCL-T network.
4.2.2. Shutdown transient analysis

Figure 4-19 shows the transient response of the experiment system when H-bridge 1 is
turned off by short-circuiting its H-bridge outputs. A dc input voltage of 60V is used for this
redundancy experiment.
As can be seen, vb1(t) is reduced to nearly zero after shutdown. Different from
shutdown type 1, the transient responses of i1(t), i2(t) and itrack(t) are all under-damped. This is
due to the short-circuit condition created across the outputs of H-bridge 1 after shutdown,
providing very little damping to the detuned parallel resonant tank during the shutdown
process. For the shutdown process shown in Figure 4-19, the track current is decreased by
approximately 33% after the shutdown of H-bridge 1. This corresponds to a reduction in the
real load power by nearly 55%, which is much larger compared to the reduction shown in
Figure 4-4 for shutdown type 1 and cannot be fully compensated by ramping the conduction
angle of H-bridge 2 and 3 from 120 to 180 degrees.
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Figure 4-19: Transient waveforms of the experiment system. Parallel module 1 is turned off by short-circuiting
the top two switches in its H-bridge.

Similar to shutdown type 1, the state of the resonant tank at the instant of shutdown
does not affect the transient responses significantly. This can be verified by observing the
experimental transient responses of the rms values of I1 (Figure 4-20), I2 (Figure 4-21) and
Itrack (Figure 4-22) when H-bridge 1 is turned off at different instants.

Figure 4-20: Experimental transient responses of the rms value of I1 when H-bridge 1 is turned off at
different instants. Track Q is 1.5, and input voltage is 60V.
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Figure 4-21: Experimental transient responses of the rms value of I2 when H-bridge 1 is turned off at
different instants. Track Q is 1.5, and input voltage is 60V.

Figure 4-22: Experimental transient responses of the rms value of Itrack when H-bridge 1 is turned off at
different instants. Track Q is 1.5, and input voltage is 60V.
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Figure 4-23 shows that the transient response of the rms track current is more damped
at larger Req values. Since the transient peaks are always smaller than the track current value
before shutdown, the transient overshoots do not cause excessive power to be delivered to the
pick-up.

Figure 4-23: Experimental transient response of the rms value of Itrack when H-bridge 1 is turned off.
Input voltage is 60V.

In contrast, the transient responses of I1 and I2, as shown in Figure 4-24 and Figure
4-25, are less dependent on Req value. The under-damped responses of the H-bridge current
are largely due to the short-circuit condition created across the outputs of the faulty module,
resulting in lightly damped transient responses after shutdown. The large oscillation in the Hbridge current is significantly higher than the H-bridge current before shutdown. If
uncontrolled, they can result in switch failures.

Figure 4-24: Experimental transient response of the rms value of I1 when H-bridge 1 is turned off. Input
voltage is 60V.
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Figure 4-25: Experimental transient response of the rms value of I2 when H-bridge 1 is turned off. Input
voltage is 60V.

The large transient overshoots in I1 and I2 can be suppressed by temporarily switching
off the non-faulty modules immediately after the instant of shutdown, effectively removing
the source of transient energy. Figure 4-26 demonstrates the suppression of transient
overshoots in I1 and I2 by temporarily setting the conduction angle of non-faulty modules to
very small values immediately after shutdown for approximately 100µs. Power delivery is
resumed by synchronously increasing the conduction angles of H-bridge 2 and 3 to 120
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Figure 4-26: Transient overshoots in I1 and I2 are suppressed by temporarily reducing the conduction
angle of H-bridge 2 and 3 to nearly zero immediately after the shutdown of H-bridge 1. The conduction
angles of H-bridge 2 and 3 are synchronously ramped to 120 degrees 1ms after the instant of shutdown.
Input voltage is 60V dc.
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Given most secondary loads have significant storage capacity, such as batteries, this
temporary loss of power should have minimum or no impact on system operation.
Due to the loss of a conduction path and detuning of the resonant tank, both shutdown
techniques described reduce the operating efficiency of the parallel power supply. When
operating with a DC input voltage of 60V, the operating efficiency decreases from 80.5% to
76.5% and 76.6% for the redundancy experiments shown in Figure 4-4 and Figure 4-19,
respectively. Therefore, a faulty module should be replaced when possible, but operation can
continue in the meantime.

4.3. Conclusion
Two possible shutdown types of the parallel power supply have been discussed in
detail. Both steady-state and transient analysis have also been presented. In order to compare
shutdown transient responses, a digital rms to dc conversion technique was used for extracting
the true rms value of a sinusoidal signal.
When a faulty module is turned off by open-circuiting all four H-bridge switches
(shutdown type 1), the H-bridge currents of the remaining modules and the track current vary
according to Figure 4-2 and Figure 4-3. The transient responses of the H-bridge current and
track current are more damped at larger load resistance values, and no significant overshoots
were observed in the H-bridge currents of non-faulty modules. This type of shutdown causes
the dc-bus capacitor of the faulty module to be charged to a higher steady-state value, which
is determined by the operating condition of the remaining modules. The transient charging
trajectory of the dc-bus capacitor is largely determined by the dc-bus capacitor voltage at the
instant of shutdown.
When a faulty module is turned off by short-circuiting its H-bridge outputs (shutdown
type 2), the H-bridge current of the remaining modules and the track current vary according to
Figure 4-15 and Figure 4-16. The transient responses of the track current are more damped at
larger load resistance values. Significant overshoots were observed in the H-bridge currents
of faulty and non-faulty modules. However, the overshoot can be completely suppressed by
temporarily turning off the non-faulty modules immediately after shutdown.
For both types of shutdown, the state of the resonant tank at the instant of shutdown
does not affect the transient responses significantly. Since both shutdown techniques reduce
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the operating efficiency, a faulty module should be replaced when possible, but operation can
continue in the meanwhile.
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Chapter 5.
Small-signal analysis of LCL-T based power supplies
The open-loop characteristics of the parallel power supply have been discussed in
detail in the last two chapters. This and the next chapter will focus on the closed-loop
characteristics of LCL-T based power supplies.
A well-tuned LCL-T resonant tank behaves as a constant current source, which
maintains a constant track current regardless of variations in the secondary reflected
impedance. This characteristic improves the load disturbance rejection of these power
supplies, and simplifies the control and regulation of track current. Such systems may be
operated under an open-loop condition by simply fixing its H-bridge conduction angle at a
pre-defined value that corresponds to the required the track current. However, in practice,
non-ideal values of C2N and L2N and the equivalent series resistances of various components
of the power supply can compromise the ideal constant current source characteristic, resulting
in slight variations in the track current as the power level and reflected secondary impedance
change. Therefore, a closed-loop PI controller is normally used to minimize the steady-state
error in the rms track current. Since small-signal model of the LCL-T based resonant power
supply has not been derived in the past, current PI controllers are normally designed and
verified experimentally. Although the controller can achieve good track current regulation
against variations in the secondary reflected impedance, its reference tracking performance is
generally not optimized.
Reference tracking performance is important for an IPT power supply for the
following reasons. Firstly, a good reference tracking performance can lead to a fast start-up of
the track current without overshoot, minimizing the unnecessary losses during the start-up
procedure. Secondly, it provides the ability to alter the track current quickly and efficiently.
This and next chapter will collectively describe the design of a digital PI controller
aimed for optimizing the reference tracking performance of LCL-T based power supplies. In
this chapter, the small-signal model of a single LCL-T based power supply is derived and
verified. The model describes how the rms value of the track current responses to a
perturbation in the rms value of the fundamental harmonic of the H-bridge output voltage. It
also derives an approximated linear model of the digital modulator and H-bridge. Since a
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parallel LCL-T based power supply can be simplified and modeled as a single power supply
under normal operating conditions, the small-signal model derived in this chapter is also
applicable for a parallel power supply, and can be used to design its controller. This will be
demonstrated in Chapter 6, which describes the design of digital PI controllers for these
power supplies using the small-signal models.

5.1. Overview of the closed-loop control system
A simplified view of the control loop is illustrated in Figure 5-1 below.

Figure 5-1: Overview of the closed-loop control system

In the following analyses, the pick-up is simplified and modeled by its reflected
resistance Req [85]. This assumption allows a better focus on the dynamics of the LCL-T
based power supply. If desired, the small-signal model derived in this chapter can be modified
to model a complete IPT system comprising a power supply and pickups. This has been done
in [74], which modeled a current-fed CLC parallel series resonant power supply driving
multiple pickups.
The analyses hereafter assume a dc input voltage and a resonant frequency of 20 kHz.
Modeling and control of systems with ac input voltages will be discussed in detail in the next
chapter.
5.1.1. RMS-DC converter

Since the function of the controller is to control the rms value of the track current, it is
necessary to extract the true rms value of the track current for control purposes. This can be
realized using one of the following two approaches.
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The rms value of a sinusoidal signal can be measured using an analog rms to dc
conversion chip (designed by Analog Devices and Linear Technology). When measuring ac
signals, a post-filtering network is required to filter out the output ripples. Typically, a
second-order Sallen-key filter is used, as it gives the best overall compromise between ripple
and settling time. Mathematically, the analog converter may be modeled by the transfer
function of the filter. More details will be given in the next chapter.
The rms value of a sinusoidal signal can also be obtained using a digital rms to dc
conversion technique described in Chapter 4.1.2.1. Compared to the analog approach, this
approach has a much shorter settling time, but requires a digital processor with high
computation power. If necessary, it can be implemented on an experimental system to extract
the rms value of a resonant signal for control purpose. It can also be used for extracting the
rms value of an experimental sinusoidal signal. An example of this was shown in Figure 4-7.
5.1.2. Operation of the digital modulator and the H-bridge

As shown in Figure 5-1, the function of the digital modulator is to convert the output
of the digital controller, which is a digital conduction angle value, into four H-bridge driving
signals according to the synchronous clamped-mode scheme introduced in Chapter 3.4.3. To
facilitate the explanation, Figure 5-2 reproduces the synchronous clamped-mode technique.

Figure 5-2: Synchronous H-bridge clamped-mode control.

The sync(t) signal is a 50% duty cycle square wave at the IPT resonant frequency. Its
purpose is to provide timing information to the digital modulator so that the mid-points of the
positive and negative periods of the H-bridge output voltage occur at the transition edges of
the sync signal. This is accomplished by generating the driving signals for S1 and S3 by
delaying the sync signal by
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2 2
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seconds, respectively. The rms value of the

fundamental harmonic component of the H-bridge output voltage vb(t) is controlled by θ :
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In order to ensure correct H-bridge output voltage, a newly updated conduction angle
value (θ) should only be read by the digital modulator on either the rising or falling edge of
the sync signal. The effect of a newly updated conduction angle is seen on the next edge of
the sync signal. Figure 5-3 below illustrates how the H-bridge output voltage changes with
conduction angle by showing some simulated waveforms of the sync signal, conduction angle
and H-bridge output voltage. For illustration purpose, the conduction angle is programmed to
alternate between 30 and 120 degrees at a rate of 15 kHz.
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Figure 5-3: Simulated waveforms of the
digital modulator.
For5.5
illustration purpose,
is set to vary between 30 and 120 degrees at a rate of 15 kHz.

As shown in Figure 5-3, the conduction angle of 30 degrees is read on the first rising
edge of the sync signal and realized on the next falling edge of the sync signal. Similarly, the
conduction angle of 120 degrees is read on the first falling edge of the sync signal and
realized on the second rising edge of the sync signal.
Two key characteristics can be observed with the operation of the digital modulator
and H-bridge. Firstly, a delay of approximately half a resonant period is introduced from the
update of conduction angle to the change in the H-bridge output voltage. Secondly, the
conduction angle can only be updated twice per resonant period, and this effectively sets the
maximum rate of the digital control loop.
Experimentally, the digital modulator is implemented using an FPGA board. The
FPGA chip is driven by a 50MHz clock, resulting in 2500 FPGA clock cycles per resonant
period for a 20 kHz signal. According to the synchronous clamped-mode control technique
80

(Figure 5-2), the maximal conduction angle of 180 degrees is realized by delaying the driving
signals of S1 and S3 from the sync signal by

180

2

and 180 2 degrees. Therefore, the

controllable phase delay required for generating a conduction angle of 180 degrees is 90
degrees, which corresponds to 625 FPGA clock cycles. Since the minimal delay implemented
on the FPGA platform is one FPGA clock cycle, the conduction angle resolution is 0.288
degrees (calculated as

180

625 ).

The input to the digital modulator is the number of clock cycles

corresponding to the required conduction angle, and is denoted the digital conduction angle in
order to distinguish it from the conduction angle in degrees. Conversion between the digital
conduction angle and the actual conduction angle can be performed by:
 digital 

o
180o

 625

(5.2)

5.1.3. LCL-T resonant tank

In order to design a theoretical controller for improving the reference tracking
performance of rms track current, a small-signal model of the power supply that describes
how the rms track current responds to a perturbation in the H-bridge output rms voltage is
required.
A theoretical model of the LCL-T based power supply is illustrated in Figure 5-4
below.

Figure 5-4: A theoretical model of the power supply

As can be seen, in order to simplify the analysis hereafter, the isolating transformer is
assumed to have a turns ratio of 1:1, and is therefore ignored in the theoretical model. In
addition, the H-bridge is represented by the fundamental harmonic of VB. This assumption
can be justified as following. The LCL-T network acts as a filter, passing only the
fundamental harmonic of the H-bridge output voltage to the load resistor Req; higher order
harmonics are filtered by the LCL-T network and do not contribute to the track current.
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Therefore, the fundamental harmonic of VB is sufficient for modeling the H-bridge output
voltage in the theoretical model. This approximation is also necessary for the derivation of the
small-signal model. Furthermore, the dc-bus capacitor and H-bridge switches are ignored in
the theoretical model. However, their impact on the dynamics of the power supply will be
explained in Section 5.1.4. Finally, the dc-bus voltage is assumed to be always constant, and
the magnitude of the VBf, as defined in equation(5.1), is only dependent on the conduction
angle θ. However, experimental results shown in a later section of this chapter will prove that,
for a lightly damped resonant tank, there may be significant transient overshoots in the dc-bus
voltage. The effects of the transient overshoots will also be explained in a later section.
In Figure 5-4, resistor R1 is connected in series with the H-bridge output voltage. It
plays an important role in modeling the damping of the power supply and will be explained in
detail in Section 5.1.4 and Section 5.2.2. In addition, resistance Rc is added in series with C2
to model its series equivalent resistance. The practical value of Rc is typically very small and
its impact on the dynamics of the power supply is negligible.
5.1.4. Modeling system dynamics using R1

Resistor R1 in Figure 5-4 models three sources of damping present in the experimental
power supply, and its value is very important for the accuracy of the theoretical model. By
choosing a suitable value of R1, it is possible to accurately capture the dynamics of the power
supply using a small-signal model of the theoretical circuit in Figure 5-4. The three sources of
damping and their relationship with the value of R1 will be explained below. These arguments
will also be proven by experimental and simulated results presented in later sections of this
chapter.
The first source of damping that R1 models is a fixed resistance, which includes the
equivalent series resistance of C1, the H-bridge switches, and primary and secondary windings
of the transformer. These resistances are seen by the power supply when the H-bridge output
voltage is either at the positive or the negative voltage value, allowing energy to flow from the
input voltage source to the resonant tank. Figure 5-5 below shows the H-bridge switching
sequence under normal operation. As can be seen, the H-bridge output voltage becomes
positive in the first state and negative in the second state.
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Figure 5-5: The H-bridge switching sequence.

The second source of damping that R1 models is the system resistance in the third and
fourth state, as shown in Figure 5-6. During these two states, the input voltage source is
disconnected from the resonant tank and the H-bridge output terminals are short-circuited by
either S1, S3 and their body diodes in 4th state or S2, S4 and their body diodes in 3rd state. The
short-circuit conditions cause energy in the resonant tank to be consumed by the diodes and
the equivalent series resistance of H-bridge switches, C1 and transformer windings, effectively
damping the transient response of the resonant tank. Longer durations of the 3rd and 4th states
lead to a more damped system. In other words, the system is more damped at smaller
conduction angles. This argument will be proven in later sections, and it implies that
modeling the power supply using a fixed theoretical model cannot produce accurate transient
responses at all conduction angle values. This is a key limitation of a small-signal model that
will be derived in this chapter.

Figure 5-6: The power supply in the third and fourth states.
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The third source of damping that R1 models is the damping effect of the dc-bus
capacitor. The dc-bus capacitor damps the power supply when the H-bridge impedance is
inductive, allowing energy to flow from the resonant tank to the dc-bus capacitor during
normal operation. This can be explained by Figure 5-7, which shows the H-bridge current and
voltage when the H-bridge impedance is inductive. Note I1 lags VB, and the value of I1 is still
negative at t1. After t1, S2 and S3 are turned on simultaneously. Since the direction of I1 is still
negative at this time, I1 can only flow through the body diodes of S3 and S2 into the dc-bus
capacitor, causing a slight increase in the dc-bus voltage and effectively damping the system.

Figure 5-7: The H-bridge voltage and current waveforms. The H-bridge impedance is slightly inductive.

At t2, the direction of I1 becomes positive and I1 starts to flow through S3 and S2. At
the same time, energy starts flowing from the input to the resonant tank and the dc-bus
capacitor starts to discharge.
I1 also flows into the dc-bus capacitor between t3 and t4, causing it to be charged up
and damping the system. As a result, the theoretical dc-bus voltage behaves as shown in
Figure 5-8.

Figure 5-8: The dc-bus voltage of a power supply. The H-bridge impedance is inductive.
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This argument is also experimentally proven by Figure 5-9, which shows the
experimental steady-state operating waveforms of VB, I1 and dc-bus capacitor voltage. The Hbridge impedance is inductive, and the parameters of the experimental system can be found in
Table 5-1 below. A dc input voltage of 30V was used. As can be seen, the negative H-bridge
current at t1 and the positive H-bridge current at t3 cause the dc-bus voltage to increase, and
the dc-bus voltage starts to decrease once the H-bridge output current crosses 0V.

t1

I1 t4

VB

t2

voltage

capacitor

bus

DC

t3

Figure 5-9: Experimental waveforms of VB, I1 and dc-bus capacitor voltage. The H-bridge impedance is
inductive.
Table 5-1: Parameters of an experimental power supply
DC bus capacitance

5uF

C1

959nF

L1

114uH

C2

721nF

Ltrack

75uH

N1:N2

29:40

In practice, the H-bridge impedance of LCL-T based power supplies is typically
biased into the inductive region by making the track inductance smaller than its ideal value.
This is normally done to avoid H-bridge capacitive loading, which can potentially destroy the
H-bridge switches due to diode reverse recovery current. Therefore, the described damping
effect of dc-bus capacitor is present during normal operation for these power supplies. It
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should also be noted that if I1 is either zero or positive at t1, I1 will not flow into the dc-bus
capacitor at t1. This can happen with resistive or capacitive H-bridge impedance, and may
result in a less damped system.
Transiently, the dc-bus capacitor can also damp the system by absorbing resonant tank
energy through a full bridge rectifier formed by four body diodes of the H-bridge switches, as
shown in Figure 5-10.

Figure 5-10: Schematic of the power supply illustrating the H-bridge rectifier.

Energy starts to flow from the resonant tank into the dc-bus capacitor whenever the
absolute magnitude of VB exceeds the dc-bus voltage. This can happen when there are
transient overshoots in the resonant tank. Figure 5-11(a) and Figure 5-11(b) below shows
experimental waveforms of the dc-bus voltage and track current when the H-bridge
conduction angle is stepped from 0 to 120 degrees at Req values of 0.033Ω and 4Ω,

voltage

bus

current
current

(b)

(a)

Track

Track

DC

voltage

bus

DC

respectively.

Figure 5-11: Experimental waveforms of the dc-bus voltage and track current when the conduction angle
is stepped from 0 to 120 degrees at Req values of 0.033Ω(a) and 4Ω(b).
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As can be seen, at a Req of 0.033Ω, the dc-bus voltage is charged approximately 13V
higher than its normal value of 50V by the transient energy in the resonant tank. At a R eq
value of 4Ω, the dc-bus voltage is also charged up slightly above its normal value. The energy
taken by the dc-bus capacitor effectively damps the transient responses.
Since the H-bridge rectifier and dc-bus capacitor are not included in the theoretical
model in Figure 5-4, the damping effects of the dc-bus capacitor is modeled by R1 in the
theoretical model.
At this point, it should be noted that since R1 is introduced to model all three damping
effects described above, its value will necessarily be greater than the equivalent series
resistance of the H-bridge switches, C1 and transformer windings. However, this R1 value
should not be used for efficiency calculation.
One drawback of having a large R1 value is that it causes additional voltage drop
across R1, resulting in a smaller theoretical track current. Given the complexity of the actual
power supply and its theoretical model, this may be inevitable. The impact of a larger R1
value will be demonstrated in a later section.
At a given conduction angle, its corresponding R1 value can be found by a trial and
error approach. This can be done by slowly increasing the value of R1 from 0 until the
theoretical step responses of the rms track current match the experimental results. More
details on how to determine the value of R1 will be given in Section 5.2.2 after the smallsignal model is derived.
5.1.5. Small-signal model of the LCL-T resonant tank

The small-signal model of the theoretical circuit in Figure 5-4 will be derived below
using the generalized state-space averaging (GSSA), which was briefly introduced in Chapter
2.7. The technique is suitable for modeling higher order resonant type systems, and works by
mathematically “averaging” all the state variables (sinusoidal voltages and currents) using
Fourier transform.
The following equations can be written to describe the theoretical model in Figure 5-4.
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Equation (5.3) can be rearranged in the state-space form to show the input and output of the
model:
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(5.4)

(5.5)

u  vBf
It should be noted that the input of the state-space model is the fundamental harmonic
of the H-bridge output voltage. Since all the signals in the theoretical models are
approximately sinusoidal, they may be very well approximated with the fundamental
frequency terms (   1 ) in the Fourier series. The averaged state-space model of the
theoretical circuit can therefore be obtained by considering the application of the operator
  1 to equations (5.4) and (5.5).

Fourier transformation of the fundamental harmonic of the H-bridge output voltage
leads to:
vBf (t )  Vm sin(s t )  vBf 1  Vm sin(s t ) 1   j
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Vm
2

(5.6)

Here Vm and ωs are the maximum magnitude and angular frequency of the VBf, respectively.
At this point, it should be noted that the magnitude of the Fourier transformed expression in
equation(5.6) is √ times smaller than the rms value of the actual sinusoidal signal.

 vBf (t ) 1   Vm sin(st ) 1 

Vm
2

(5.7)

By performing the first order Fourier transform on all derivatives of state variables using
equation (5.8):
d
d
 x k (t )  x k (t )  jks  x k (t )
dt
dt

(5.8)

, the averaged state-space model of equation(5.3) can be written as:
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(5.9)

 vC 2 1
R
  i1 1 c
Ltrack
Ltrack

The averaged state variables in (5.9) can be further expressed in the complex form as:
  i1 1  x1  jx2
  v   x  jx
 c1 1 3
4


v


x

jx
6
 c2 1 5
  itrack 1  x7  jx8

(5.10)

Here all the complex coefficients xn are real numbers. Substituting equation(5.10) into
equation(5.9) leads to:
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Equating the real and reactive components of equation (5.11) leads to:
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(5.12)

By setting all the derivatives in equation (5.12) to zero, it is possible to calculate the steadystate solutions of all xn variables. Due to the complexity of the steady-state solutions, they are
not presented here.
By considering perturbations around the steady-state solution of equation(5.12), it is possible
to compute the small-signal model describing how the rms track current value responses to a
perturbation in the rms value of the fundamental harmonic of the H-bridge output voltage.
The perturbation terms are inserted into equation (5.12) by replacing each state variable with
its steady-state and perturbation terms as:

xn  X n  xn
90

(5.13)

Here Xn is the steady-state term, and x n is the perturbation term. Similarly, perturbations in
the input of the model and switching frequency can also be introduced by replacing Vm and 
with:
Vm  VM  vm
 W 

(5.14)

It should be noted that since the power supply operates at a fixed frequency of 20 kHz, it is
not necessary to perturb the switching frequency of the small-signal model. Nonetheless, it is
performed here to demonstrate the possibility of using the GSSA technique for deriving a
small-signal model that describes how the power supply reacts to a small step change in the
switching frequency.
After full expansion, only the linear perturbation terms are preserved, and all the nonlinear terms that contain multiplication of more than one perturbation terms and pure steadystate terms are dropped. Following these rules, the small-signal model of equation (5.12) can
be expressed as:
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(5.15)

As explained earlier, the small-signal model of equation (5.15) has two inputs, which
are the perturbation on the resonant frequency and the perturbation on the peak magnitude of
the fundamental harmonic of the H-bridge voltage. The transfer function from the output to
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the 2nd input is of interest to the controller design, while the transfer function from output to
the 1st input can be used to investigate how the power supply responds to a step change in the
resonant frequency. The focus of this chapter is to derive the small-signal model of power
supply that describes how the rms value of the track current responds to a perturbation in the
rms value of the fundamental harmonic of the H-bridge voltage.
Since the 2nd input to the model is the perturbation on the peak value of the fundamental
harmonic of the H-bridge voltage, the output to the small-signal model should also be a
perturbation on the peak value of the track current. This ensures the steady-state gain of the
derived model is correct. It should be noted that the ratio between the peak values is also the
ratio between rms values. In other words, if the rms H-bridge voltage is used as the input to
the model, the model’s output would be the rms value of the track current.

itrack ( peak ) itrack (rms) 

vBf ( peak ) vBf (rms) 

2
2



itrack (rms)
vBf (rms)

(5.16)

Therefore, the output of the small-signal model can be expressed as:

itrack ( peak )  Itrack ( peak )  itrack ( peak )  2  2 || itrack 1|| 2  x7 2  x82

(5.17)

2   itrack 1 (refer to equation(5.7)), and the

Here the rms value of the track current is

peak track current is therefore 2  2   itrack 1 . Equation (5.17) can be solved as:

 2  ( X 7  x7 )2  ( X 8  x8 )2
 2  X 7 2  x7 2  2 X 7 x7  X 82  x82  2 X 8 x8
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 2   X 7 2  X 82  1 


2 x8 X 8
2 x7 X 7
2
2 
X 7  X 8 X 7 2  X 82

(5.18)





Note two non-linear terms that contain multiplication of perturbation terms of xn in the second
line of equation(5.18) are dropped. Next, the 2nd square root in equation(5.18) is removed
using the following approximation technique:
(a  b)n  a n  na n 1b 

n(n  1) n  2 2 n( n  1)( n  2) n 3 3
a b 
a b    bn
2!
3!

92

(5.19)

By preserving only the first two terms in equation(5.19), equation (5.18) can be linearized as:
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 28 8 2 )
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 2  X 7 2  X 8 2  (1 

2 x7 X 7

 2  X 72  X 82 
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(5.20)

2 x8 X 8
X 72  X 82

Dropping the steady-state term in equation(5.20), perturbation in the peak value of the track
current can be linearized and expressed in terms of perturbed state variables as:
itrack ( peak )  x7 

2X7
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2 X8
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(5.21)

X 72  X 82

Note equation(5.21) requires the steady-state solutions of X7 and X8. The small-signal model
of the theoretical circuit in Figure 5-4 can therefore be expressed in the state-space form as.
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It is interesting to note that the coefficients of the xn variables in equation (5.22) are in
fact identical to the coefficients of xn variables in equation(5.12). Therefore, the small-signal
model of equation (5.22) may be derived directly from equation (5.12) by replacing the xn
variables with xn and setting  to its steady-state value W. However, equation (5.23) still
requires the steady-state solutions of X7 and X8.

5.2. Verification of the small-signal model
In order to verify the correctness of the derived small-signal model, the step responses
of the rms track current of the theoretical model will be verified against the experimental
results at different load resistance (Req) values. However, before any sensible comparison can
be made, three issues must be resolved first.
The first issue arises because the theoretical track current obtained from the smallsignal model is in the rms form, whereas the experimental track current is a fixed-frequency
sinusoidal signal. For comparison purpose, the rms value of the experimental track current
must be extracted. This is accomplished using the digital rms to dc conversion technique,
which was described in Chapter 4.1.2.
The second issue arises because the experimental system used for generating the step
response consists of the digital modulator, the H-bridge and the LCL-T resonant tank.
Therefore, in order to match up the experimental step response, the theoretical small-signal
model of the power supply should also include the mathematical models of the digital
modulator and H-bridge. This issue will be explained and resolved in Section 5.2.1.
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The third issue is to find an appropriate R1 value for modeling the three sources of
damping at a conduction angle used in the experiment step response. Detailed analyses will be
given in Section 5.2.2.
The 2nd and 3rd issues will be dealt with below.
5.2.1. Mathematical model of the digital modulator and the H-bridge

The mathematical model of the digital modulator and the H-bridge is required for the
following two reasons. Firstly, the digital modulator and H-bridge form part of the control
loop, and must be modeled for closed-loop controller design. Secondly, the model is required
for comparing the step response of the derived small-signal model to that of the experimental
system. Figure 5-12 shows the structure of the experimental system and how a step response
of the track current is generated.

Figure 5-12: Experimental system illustrating the position of the digital modulator and H-bridge in
respect to the LCL-T resonant tank.

Figure 5-13 below illustrates how the digital modulator and the H-bridge respond to a
step change in the digital conduction angle by plotting the simulated H-bridge output voltage
and its rms voltage. The plotted rms voltage is obtained through an ideal rms-dc conversion
simulation block, which is set up specifically for 20 kHz signals and has negligible
computation delays. As can be seen, the digital modulator and H-bridge always transform a
step change in the digital conduction angle into a non-linear H-bridge rms voltage waveform.
In other words, it is not possible to perform a step change in the rms value of the H-bridge
output voltage.
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Figure 5-13: Simulated step response of the digital modulator and H-bridge with conduction angle
stepping from B to A degrees. (A>B)

The model of the digital modulator and H-bridge is denoted GDM(s) hereafter. The
input and output of GDM(s) are the digital conduction angle and the rms value of the
fundamental harmonic of the H-bridge output voltage, respectively. According to
equation(5.24), the steady-state gain of GDM(s) is non-linear.

GDM (0) 

VBf

 digital




   digital
VBUS 4
  sin 

180 
2 
 360 625


 digital

(5.24)

This non-linearity must be removed in order to derive a fixed theoretical model for the
digital modulator and H-bridge. It is also necessary for a linearized control loop. The nonlinearity in the steady-state gain of GDM(s) can be removed by implementing the experimental
controller as shown in Figure 5-14.
For a given rms track current error input, the experimental controller first calculates
the required value of VBf according to theoretical control rules. It then uses equation(5.25) to
calculate the value of the digital conduction angle (θdigital) that corresponds to the value of VBf,
calculated in the first step.
sin 1 (VBf 

2  360 625
 )

  digital
VBUS 4
 180

(5.25)

Equation(5.25) is, in fact, the inverse of equation(5.1), and it expresses the digital conduction
angle in terms of VBf and VBUS. The calculated θdigital value is then used as the output of the
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controller, and fed into the digital modulator, which in conjunction with the H-bridge
reconverts the θdigital value back to the value of VBf calculated in the first step. Figure 5-15
illustrates the experimental control loop based on the experimental controller implementation.

Figure 5-14: Linearizing the experimental control loop by performing the inverse operation of equation
(5.1) inside the experimental controller.

Figure 5-15: Closed-loop model of the experimental system. The experimental controller performs the
inverse sin operation, which converts the required value of VBf to θdigital.

As can be seen, the conversion from VBf to θdigital (inside the experimental controller)
cancels out the conversion from θdigital to VBf (performed by the digital modulator and Hbridge), and the H-bridge output voltage of the experimental system is exactly the same as the
calculated theoretical value. The non-linearity in GDM(s) is therefore removed from the
control loop.
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However, the delay in GDM(s) is still present in the control loop and must be modeled
properly. The theoretical model of Figure 5-15 is shown in Figure 5-16, which replaces GDM(s)
with its delay model GDM1(s). Notice GDM1(s) has a steady-state gain of one, and its input is
VBf.

Figure 5-16: Theoretical model of Figure 5-15.

It should be noted that the control loop shown in Figure 5-16 is linear and will be used for
controller design.
Figure 5-17 below shows how the theoretical and experimental step responses of the
rms track current are generated.

Figure 5-17: Experimental step response system (a) and its theoretical counterpart (b).
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Experimentally, the step response of the power supply can be obtained by stepping the
value of the digital conduction angle. This experimental step response system, as shown in
Figure 5-17(a), includes the digital modulator, H-bridge and the LCL-T resonant tank. Its
theoretical counterpart is shown in Figure 5-17(b), which comprises GDM1(s) and the smallsignal model of the LCL-T resonant tank. The input and output of the theoretical step
response system are the rms value of the fundamental harmonic of the H-bridge output
voltage and the rms value of the track current, respectively. For comparison purpose, the
experimental step response of the rms track current should be normalized against its
corresponding H-bridge rms output voltage.
The model of GDM1(s) can be found by approximating the transient H-bridge rms
output voltage with a linear transfer function. However, in order to match up the waveforms,
correcting factors (steady-state gains) defined by equation (5.24) must be multiplied to GDM1(s)
based on the corresponding conduction angles. To aid the derivation of GDM1(s), Figure 5-13
is reproduced below in Figure 5-18, which has more notations added to help explain of the
transient H-bridge rms voltage waveform.
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Figure 5-18: reproduction of Figure 5-13. Additional notations have been added to aid the explanation of
the H-bridge rms output voltage and derivation of GDM(s).

In Figure 5-18, the digital conduction angle is programmed to step from B to A
(assuming A>B) at t=1ms, which corresponds to a transition edge of the sync signal. After the
step change in the digital conduction angle, the H-bridge rms voltage remains at its previous
value for a finite duration of Tdelay and gradually reaches its new steady state value at
Tperiod+T1 seconds. To help explain the transient response of the rms voltage, the H-bridge
output voltage waveform at digital conduction angle B (dotted lines) is superimposed on the
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actual waveform for the first resonant cycle after the step change in digital conduction angle.
Here Tdiff marks the difference between conduction angle A and B, and all four Tdiff durations
are identical due to the modulation scheme. As can be seen, the rms voltage increases linearly
only during the four Tdiff periods. This is because before the H-bridge rms value reaches its
steady-state value, the computation of the rms value is still based on an averaging period that
includes the H-bridge waveform at conduction angle B. The rms voltage remains constant
when the H-bridge output voltage at conduction angle A overlaps with dotted lines, as there is
no change in the H-bridge output voltage during these periods. The transient rms voltage takes
more than a full resonant period to reach its new steady-state value and the additional T1
seconds corresponds to half of TA, which is the conducting period of the larger conduction
angle A.
Similar trends can be observed in Figure 5-19, which shows the H-bridge output rms
voltage when the digital conduction angle is stepped from A to B (A>B).
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Figure 5-19: Simulated step response of the digital modulator and H-bridge when digital conduction angle
steps from A to B degrees. (A>B)

After observing Figure 5-18 and Figure 5-19, some conclusions can be drawn
regarding the transient behavior of the H-bridge rms voltage. Firstly, the transient step
response always takes Tperiod+T1 seconds to complete, where T1 corresponds to half of a
conducting period (TA) of the larger conduction angle. Secondly, the transient voltage changes
linearly only during the four Tdiff periods and remains constant for the rest of time. The
distribution and duration of Tdiff are defined by the two conduction angles in a step change.
Thirdly, Tdelay is defined as (Tperiod-TA)/2, where TA is the conducting period of the larger
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conduction angle. Based on the above arguments, it can be seen that the transient step
response of the H-bridge rms output voltage is dominated by the larger conduction angle
during a step change, and the smaller conduction angle does not affect the transient response
significantly.
In order to simplify the derivation of the GDM1(s), the transient response of the Hbridge rms output voltage is approximated by a linear transfer function by fixing the larger
conduction angle during a step change at 90 degrees. This value is chosen because it
represents the average value of conduction angle. Under this assumption, a fixed value of
Tdelay can be calculated as:
Tdelay 

Tperiod TA 50us 90 360 50us


 18.75us
2
2
2
2

(5.26)

An approximated first-order model for GDM(s) is derived by matching its step response to that
in Figure 5-20, which plots the simulated waveforms of the H-bridge output and its rms value
when the conduction angle is stepped from 28.8 to 90 degrees. The conduction angle of 28.8
degrees is chosen randomly, since the transient trajectory of the H-bridge output rms voltage
is dominated by the larger conduction angle, which is assumed to be fixed at 90 degrees. This
argument will be justified later in Figure 5-21 and Figure 5-22. A suitable first-order transfer
function that approximates the step response in Figure 5-20 can be found as:
GDM ( s)  GDM (0)  e 18.7510

6

s



90000
s  90000

(5.27)

GDM(0) is the steady-state gain of GDM(s), and was defined in equation (5.24). In Figure 5-20,
the step response of the GDM(s) model in equation(5.27) is plotted on top of the original rms
voltage waveform. For this comparison, two different GDM(0) values have to be calculated
based on equation (5.24). As can be seen, the delay time is modeled precisely and the model
reaches a new steady-state value at approximately the same time as the actual rms voltage.
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Figure 5-20: Comparing the step response of the first-order model to the simulated step response of the Hbridge rms output voltage. The conduction angle is stepped from 28.8 to 90 degrees.

Figure 5-21 below compares the step response of GDM(s) to that of the rms H-bridge
output voltage when the conduction angle is stepped from 57.6 to 90 degrees.
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Figure 5-21: Comparing the step response of the first-order model to the simulated step response of the Hbridge rms output voltage. The conduction angle is stepped from 57.6 to 90 degrees.

As can be seen, GDM(s) also accurately models the transient response in Figure 5-21. Since the
larger conduction angle is still 90 degrees, the time delay in the rms H-bridge output voltage
in Figure 5-21 is exactly the same as that in Figure 5-20. At this point, it can be concluded
that the derived model is reasonably accurate at modeling the delay in the digital modulator
and H-bridge when the larger conduction angle during a step change is 90 degrees.
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Figure 5-22 below compares the step response GDM(s) to that of a simulated rms Hbridge output voltage when the conduction angle is stepped from 14.1 to 120 degrees. As
expected, the time delay associated with a larger conduction angle of 120 degrees is different
from that in Figure 5-20 and Figure 5-21, which have a larger conduction angle of 90 degrees.
Nonetheless, the step response of GDM(s) is still very similar to the actual H-bridge output rms
voltage.
Therefore, GDM1(s) can be derived from GDM(s) in equation(5.27) by removing the non-linear
gain term GDM(0) as:

GDM 1 ( s)  e 18.7510

6

s



90000
s  90000

(5.28)

Notice GDM1(s) has a unity steady-state gain.
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Figure 5-22: Comparing the step response of the first-order model to the simulated step response of the Hbridge rms output voltage. The conduction angle is stepped from 14.1 to 120 degrees.

5.2.2. Finding a suitable value for R1

As explained earlier, the value of R1 models the three sources of damping and its value
varies inversely proportional to the conduction angle. Since it is difficult to calculate
theoretically, this section introduces a practical approach for finding the approximate value of
R1 for modeling the system dynamics at a particular conduction angle. The theoretical value
of R1 can be found experimentally by slowly increasing its value from zero until the step
response of theoretical system (Figure 5-17(b)) matches that of the experimental system
(Figure 5-17(a)). The key parameters of the experimental system were shown in Table 5-1.
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Since the experimental LCL-T network is well tuned, equation(2.4) can be used to
calculate the track current, and is reproduced here:

I track 

VBf

(5.29)

jwL2

Due to the non-unity turns ratio of the transformer, the experimental normalized track
rms current is different from the theoretical results by a factor of N2/N1 (40/29). This can be
explained by Figure 5-23, which compares a theoretical resonant tank and its experimental
counterpart.

Figure 5-23: Experimental resonant tank (a) and theoretical resonant tank model (b).

As explained earlier, the experimental rms track current is normalized against the
corresponding H-bridge output rms voltage. The normalized ratio can be defined as:

VBf 
I track
VBf



40
29

 Ltrack  40 

1
29  Ltrack

VBf

(5.30)

Here Itrack is derived based on equation(5.29).
In contrast, the theoretical normalized ratio of the small-signal model, as shown in
Figure 5-23(b), is derived as:

I track 
VBf

VBf



 Ltrack  
VBf

1

 Ltrack 



1
29
 Ltrack  ( )2
40
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1
40
 ( )2
 Ltrack 29

(5.31)

Here all the reactive components in the theoretical model are already reflected to the
primary side of the transformer. By comparing equation(5.30) and equation(5.31), it is clear
that the experimental ratio is different from the theoretical one by a factor of n2/n1 (40/29).
Figure 5-24 plots the normalized experimental step response of the track rms current
and the step response of the theoretical model at different Req values when the experimental
conduction angle is stepped from 0 to 120 degrees. A theoretical R1 value of 2.5Ω was found
to be adequate for modeling the three sources of damping at a conduction angle of 120
degrees for the experimental system. This chosen R1 value results in the minimum calculated
error (as the sum of the absolute differences for the first five loading conditions, Req  0.033 –
4 Ω, shown in figure 5-24) between the experimental and theoretical value of the rms current
at the first peak in the step response. In addition, slight variations in R1 do not affect the
accuracy of the theoretical model significantly. Given a derived model is at its best only an
approximation of the power supply dynamics at a particular conduction angle, it is not critical
to have a very accurate model. The details of the experimental system and theoretical model
used for generating this comparison were illustrated in Figure 5-17. The experimental rms
track current is obtained using the digital rms-dc conversion technique, and normalized
against the rms value of the H-bridge output voltage at a condition angle of 120 degrees. A
correcting factor of 40/29 is also multiplied to the experimental results.
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Figure 5-24: Normalized experimental step responses and theoretical step response of the power supply at
different Req values. R1=2.5Ω. The conduction angle is stepped from 0 to 120 degrees at t=0.

As can be seen from Figure 5-24, apart from the slight mismatch at Req values of
0.033Ω, 1Ω and 8Ω, the theoretical step responses are in good agreement with the
experimental results. The discrepancy observed at Req values of 0.033Ω and 1Ω can be
explained by examining the transient dc-bus voltages during the same step responses. Figure
5-25 shows the experimental dc-bus voltage when the conduction angle is stepped from 0 to
120 degrees at a Req value of 0.033Ω.
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Figure 5-25: Experimental waveforms of the DC bus voltage and track current when conduction angle is
stepped from 0 to 120 degrees at a Req of 0.033Ω.

As shown in Figure 5-25, significant transient overshoots exist in the dc-bus voltage.
This can be explained as following. Firstly, a load resistance of 0.033Ω provides very little
damping to the resonant tank, causing large transient overshoots in the resonant tank and the
H-bridge output voltage. Whenever the absolute magnitude of the H-bridge output voltage
exceeds the nominal dc bus voltage, energy in the resonant tank starts flowing into the dc-bus
capacitor through a rectifier formed by the four body-diodes of the H-bridge switches, as
shown in Figure 5-26, causing temporarily overshoots in the dc bus voltage. When the dc-bus
capacitor voltage is charged above the input voltage, the input rectifier becomes reverse
biased, temporarily disconnecting the power supply from the input voltage. After the first
peak of the dc bus voltage, the transient energy stored in the dc-bus capacitor starts to
discharge to the load resistance through the H-bridge switches, which connect the input
voltage source and dc-bus capacitor to the resonant tank twice per resonant period. During
this discharging period, the bus capacitor may be charged up multiple times by the transient
energy in the resonant tank, as shown in Figure 5-25. The discharging rate of the dc bus
capacitor is controlled by the load resistance and conduction angle, collectively. A larger
conduction angle allows more energy to flow from the dc bus capacitor into the load
resistance, accelerating the discharging process. Similarly, a larger Req value speeds up the
discharging process by drawing more power from the dc-bus capacitor. The small ripples on
the dc-bus voltage in steady-state after the step change are due to the operation of the Hbridge. In addition, the initial reduction in the dc-bus capacitor voltage is due to a sudden
increase in the energy demand as H-bridge starts to operate.
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Figure 5-26: Two possible charging paths for the dc bus capacitor

Figure 5-27 below shows the experimental dc-bus transient voltage when the
conduction angle is stepped from 0 to 120 degrees at a Req value of 4Ω. As can be seen, the
transient period is much shorter and the dc-bus voltage only increases slightly above its
nominal value at the start of transient process. This constant dc-bus voltage explains why the
normalized experimental step response of the track rms current matches the theoretical result

voltage

bus

current

Track

DC

very well at a Req value of 4Ω in Figure 5-24.

Figure 5-27: Experimental waveforms of the DC bus voltage and track current when conduction angle is
stepped from 0 to 120 degrees for a Req of 4Ω.

The discrepancy observed at a Req of 8Ω is due to the large R1 value used in the
theoretical model. As explained earlier, this large value is required for modeling three source
of damping in the experimental system. However, this large R1 also causes additional
reduction in the rms track current as power level and H-bridge current increase. Therefore, in
Figure 5-24, the theoretical steady-state amplitude at Req of 8Ω is smaller than the
experimental amplitude. The effect of large R1 value is not so obvious at smaller Req values. It
should be noted again that R1 only models the dynamics of the power supply, and its value
should not be used for efficiency calculation.
108

Figure 5-28 below shows the damping effects of R1 in the theoretical model by replotting Figure 5-24 using a smaller R1 value of 0.5Ω. As can be seen, the theoretical step
responses are all under-damped, indicating the R1 value of 0.5Ω is indeed too small for a
conduction angle of 120 degrees. In addition, the theoretical step response becomes more
accurate as Req increases, indicating the damping effect of Req becomes more dominant as its
value increases.
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damping is controlled collectively by both Req and R1, and the effect of R1 on the system
damping is more obvious at smaller Req values.
Figure 5-29 below compares two normalized step responses of the experimental
system at a Req value of 0.033ohm when the conduction angle is stepped from 0 to 28 and 172
degrees, respectively. The rms track currents are normalized against the corresponding Hbridge rms voltages.
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Figure 5-29: Normalized step responses of the rms track current at Req of 0.033Ω.

In the left plot of Figure 5-29, the conduction angle is stepped from 0 to 28 degrees,
whereas the conduction angle is stepped from 0 to 172 degrees in the right plot. Clearly, the
system is more damped (a larger R1 value) at a conduction angle of 28 degrees. In addition, a
large dc bus fluctuation is evident when the conduction angle is stepped from 0 to 172 degrees,
indicating a less damped system and large overshoots in the resonant tank.
Since the value of R1 varies with the conduction angle, it is clear that the small-signal
model itself varies with its input, which is the rms value of the fundamental harmonic of the
H-bridge output voltage. However, in order to derive a fixed small-signal model of the power
supply, the R1 value is chosen to be 2.5Ω, which corresponds to the conduction angle of 120
degrees. This decision is justified as following. Firstly, a conduction angle of 120 degrees is
the desired operating point, as it offers the lowest total harmonic distortion in the H-bridge
output voltage. Secondly, if a controller is designed based on this small-signal model, its
response would be more damped (slower) at conduction angles smaller than 120 degrees. This
implies that controllers designed using this theoretical model will have more damped
experimental transient responses, if its conduction angle is increased from 0 to a value below
120 degrees. This is acceptable as far as the suppression of the track rms current transient is
concerned. This argument will be proven in the next chapter. Thirdly, the system damping at
conduction angles larger than 120 degrees is not too different from that at 120 degrees. Figure
5-30 compares the system damping at 120 and 180 degrees by showing two experimental
normalized step responses of the track rms current at a Req value of 0.033Ω. The results are
normalized against the corresponding H-bridge rms output voltage.
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Figure 5-30: Experimental normalized step response of the rms track current when the conduction angle
is stepped from 0 to 120 and 180 degrees.

As can be seen from Figure 5-30, both transient responses have similar first transient peaks.
Since the system operating at 180 degrees conduction angle does not enter the 3rd and 4th
states shown in Figure 5-7, the transient energy oscillates longer with larger magnitudes, and
the system is largely damped by the dc-bus capacitor and load resistor. Figure 5-31 shows the
experimental waveforms of VB, I1 and dc-bus capacitor voltage at a conduction angle of 180
degrees. The inductive H-bridge impedance causes energy to flow into the dc-bus capacitor at
all transition edges of VB, effectively damping the system. In fact, the large absolute
magnitude of I1 at transition edges of the H-bridge output voltage might indicate significant
damping.
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Figure 5-31: Experimental waveforms of VB, I1 and dc-bus capacitor voltage at a conduction angle of 180
degrees. The H-bridge impedance is inductive.

The conduction angle value only dominates the system damping at small Req values,
and its impact on system damping decreases as Req increases. Figure 5-32 below compares the
system damping at two different conduction angles (28.8 and 172 degrees) at a Req value of
8Ω by showing the normalized experimental step responses of the rms track current. The
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experimental results are normalized against the corresponding H-bridge rms output voltage.
As can be seen, the system damping is dominated by the large Req value, and the effects of
conduction angle are not very obvious.

Figure 5-32: Two normalized rms track current step responses of the experimental system at a Req=8Ω.

Up to this point, the theoretical model of the power supply has been derived and the
dynamics of the power supply have also been analyzed. Figure 5-33 plots the root locus of the
small signal poles and zeros of the LCL-T resonate tank as Req is increased from 0 to 6Ω.
Arrows indicate the direction of load resistance increase.
As can be seen, the real parts of the poles become more negative as the load resistance
increases, indicating an increase in the damping ratio. In contrast, the imaginary parts of the
poles remain nearly constant against variations in load resistance. Similar trends can be
observed for the zeros of the small-signal model.
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Figure 5-33: Root-locus of small-signal poles and zeros as load resistance increases from 0 to 6Ω

5.3. Conclusion
In this chapter, the theoretical models of the power supply, digital modulator and Hbridge have been derived and verified. Since the models of the power supply and digital
modulator both vary with their inputs, various assumptions have been made to obtain a fixed
model. Limitations and implications of the assumptions have also been identified and
discussed.
The small-signal model of the power supply was derived using the generalized statespace averaging technique. The model shows how the rms value of the track current reacts to
a small step change in the rms value of the fundamental harmonic of the H-bridge output
voltage. An approximated linear model of the digital modulator and H-bridge was also
derived based on simulation waveforms. In order to linearize the model, the non-linearity of
the H-bridge transfer function was removed using an algorithm implemented in the
experimental controller. The algorithm is the inverse of the H-bridge transfer function, and
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calculates the conduction angle value that corresponds to the required H-bridge output voltage
for a given dc input voltage.
In order to verify the correctness of the model, the digital rms to dc conversion
technique was used to extract the true rms value of the sinusoidal track current. An R1 value
of 2.5Ω was found to be accurate for modeling the three source of damping at a conduction
angle of 120 degrees. This was proven by comparisons made between the experimental and
theoretical step responses of the rms value of the track current at different load resistance
values. Due to fluctuations in the dc-bus voltage, minor discrepancies between theoretical and
practical step responses of the rms track current were observed at small load resistance values.
In the end, it is concluded that the damping of the power supply is dominated collectively by
the values of Req and R1, and the derived models are adequate in capturing the dynamics of
the power supply.
The next chapter will focus on the design of a digital PI controller using the theoretical
models derived in this chapter. The implications and limitations of the theoretical models will
also be shown.
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Chapter 6.
Controller design
Mathematical models of the LCL-T based power supplies have been derived in the last
chapter. This chapter will address the following issues. Firstly, it will describe the
development of a digital closed-loop controller, designed to improve the reference tracking
performance of LCL-T based power supplies driven by dc input voltages. The controller is
designed theoretically using the small-signal model derived in the last chapter. Secondly, it
will discuss the dynamics and control of power supplies with ac input voltages. Thirdly, it
will demonstrate how the techniques and models developed for the single power supply can
be applied for a parallel power supply. Lastly, a controller that aims to minimize the
amplitude modulation in the track current for three-phase input LCL-T based power supplies
is described and evaluated through simulation.
A detailed view of the closed-loop control model is illustrated in Figure 6-1 below.

Figure 6-1: A detailed view of the experimental closed-loop control system

The digital section contains a digital PI controller, while the analog section comprises
an rms-dc converter and the power supply itself.
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6.1. Controller design for systems with dc input voltages
The digital PI controller will firstly be designed for systems with an ideal feedback
path and a zero computation delays. Theoretically, such systems can generate the fastest rms
track current responses.
6.1.1. Controller design with an ideal feedback path and zero computation delay

The structure of a Z-domain theoretical control loop with an ideal feedback path and a
zero computation delay is shown in Figure 6-2.

Figure 6-2: A theoretical closed-loop model with an ideal feedback path and zero computation delay.

The transfer function G(s) is a product of GDM1(s) and the small-signal model of the
resonant tank. It is converted to the Z-domain using a MATLAB command, as shown in
equation(6.1).
G(z)=c2d(G(s),T)

(6.1)

This command discretizes an analog model preceded by a ZOH at a sample time of T seconds.
The sampling time T is chosen to be 25µs for a 20 kHz resonant system, which can update its
conduction angle at the maximum rate of 40 kHz. The effects of digitization are illustrated in
Figure 6-3, which compares the bode plots of both the analog and digital models (sampled at
40 kHz) of the experimental system at a load resistance (Req) of 2Ω. Component parameters
of the experimental system can be found in Table 5-1. It should be noted that all the results
presented hereafter are based on the experimental system. The bode plot of the digitized
model is shown up to 20 kHz. As can be seen, the dc magnitude of the analog model in Figure
6-3 is approximately -16dB, which agrees with the steady-state gain of 0.16 in Figure 5-24.
Due to digitization, the phase margin of the digital model starts to decrease more rapidly than
that of the analog model from 1 kHz onwards.
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Using bilinear-transformation integration [53], which replaces “s” in the Laplace
domain with:
2 z 1
T z 1

s

(6.2)

, the PI controller can be represented in the z-domain as:

C( z) 

2K P ( z  1)  K I T ( z  1) (2K P  K I T ) z  ( K I T  2K P )

2( z  1)
2( z  1)

(6.3)

Here T is the sampling time and KP and KI are the proportional and integral gains.
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Figure 6-3: Bode plots of G(s) and G(z) for a load resistance of 2Ω. G(z) is digitized at 40kHz.

Since G(s) in Figure 6-2 is of 9th order, it is difficult to design the controller by simply
adjusting the location of poles and zeros. Instead, an initial controller design is performed
using Matlab SISO design toolbox’s automated tuning approach, which automatically
searches for a stable controller design based on a user-defined performance specification. For
example, an initial PI controller may be designed using the PID tuning method. Subsequent
minor adjustments can then be made to fine tune the performance of the controller.
Figure 6-4 below shows the reference tracking performance of a PI digital controller
designed to minimize transient overshoot in the rms track current at a load resistance of
117

0.033Ω. Both the theoretical and simulated step responses of the rms track current were
obtained using the same PI gains. In the simulation model, the reference rms track current is
programmed to step from 0A to 4A at t=0s, while the reference signal is stepped from 0 to 1
at t=0s in the theoretical model. It should be noted that since the simulated model can capture
the non-linearity of the power supply much better than the theoretical model, the simulated
results are more accurate.

Figure 6-4: Theoretical and simulation closed-loop step responses of the rms track current for a load
resistance (Req) of 0.033Ω with ideal feedback.

As can be seen in Figure 6-4, the theoretical step response reaches steady-state slightly
faster than the simulated one. This is expected and can be explained by reviewing the
limitations of the theoretical model, which are summarized below. Firstly, the theoretical
small-signal model was derived assuming a fixed conduction angle of 120 degrees and a fixed
R1 value of 2.5Ω. However, since the value of R1 is inversely proportional to the conduction
angle and the simulated conduction angle never exceed 100 degrees in Figure 6-4, the
simulation model is always more damped than the theoretical model. As a result, the
simulated closed-loop step response is more damped and slower than the theoretical one.
Secondly, the theoretical model of the digital modulator was derived assuming a fixed
conduction angle of 90 degrees, which results in a fixed time delay of 18.75us. However, the
actual simulated conduction angle increases from 0 to 100 degrees during the step response.
Therefore, the minor differences in GDM1(s) might have also contributed to discrepancy
observed, but its impact should be much smaller than that of the conduction angle or R1.
Given the limitations of the theoretical model, it is therefore important to always verify a
theoretical controller design by simulation and fine-tune it if necessary. Nonetheless, the
theoretical model does provide a good starting point for a controller design.
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Figure 6-5 and Figure 6-6 show the simulated and theoretical closed-loop step
responses of the rms track current under the same controller gains at load resistances (Req) of
2Ω and 8Ω, respectively.

Figure 6-5: Theoretical and simulation closed-loop step responses of the rms track current at a load
resistance of 2Ω with ideal feedback.

Figure 6-6: Theoretical and simulation closed-loop step responses of the rms track current at a load
resistance of 8Ω with ideal feedback.

As can be seen, the step response at an Req value of 8Ω (Figure 6-6) has the longest
settling time. This is expected for the most damped system. By comparing Figure 6-4, Figure
6-5 and Figure 6-6, the theoretical results appear to be more similar to the simulation results
as the load resistance increases. In fact, the theoretical and simulated results in Figure 6-6 are
nearly identical. This is because the system damping is dominated by large Req values.
This argument is further strengthened by Figure 6-7, which compares the theoretical
and normalized simulation closed-loop step responses of the rms track current at load
resistances (Req) of 0.033Ω and 8Ω, respectively. The PI gains have been deliberately
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increased to allow for overshoots in the track current. Additionally, the dc-bus capacitor in the
simulation model is set to a very large value in order to eliminate the dc-bus voltage
fluctuations during the transient period. The simulated results are normalized against the
steady-state rms track current.

Figure 6-7: Normalized theoretical and simulation closed-loop step responses of the rms track current at
load resistances of 0.033 ohm and 8 ohm with ideal feedback.

As expected, the theoretical response matches the simulation results very well at a load
resistance of 8Ω, and the simulation response is more damped than the theoretical one at a
load resistance of 0.033Ω.
A damped step response does not cause significant dc-bus voltage fluctuations. Figure
6-8 shows that the simulated dc-bus voltage remains nearly constant at its nominal value for
the damped step response in Figure 6-4. Again the small ripples in the dc-bus voltage are due
to the operation of H-bridge, which conducts twice per resonant period.
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Figure 6-8: Simulated H-bridge output voltage and dc-bus voltage for the step response in Figure 6-4.

6.1.2. Controller design with a non-ideal feedback path and computation delay

The closed-loop model in the last section assumes an ideal feedback path and zero
computational delay for the digital controller. However, in practice, a computation delay of
one sampling period is normally required for ADC sampling and control output calculation. In
addition, the computation of the rms value of the track current may also add additional delays
in the feedback loop. Figure 6-9 illustrates a theoretical closed-loop model, which includes the
transfer function of an analog rms-dc converter and a computation delay of 25us (one
sampling period).

Figure 6-9: A theoretical closed-loop model with rms-dc converter in the feedback loop and a computation
delay of 25us.

For a given analog rms to dc converter design, its s-domain transfer function is:
H ( s) 

1
1.069 10  s  2.068 104  s  1
8

2
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(6.4)

H(z) can be obtained by digitizing H(s) at 40kHz.
Figure 6-10, Figure 6-11 and Figure 6-12 below compare the theoretical and simulated
closed-loop step responses of the rms track current at load resistances (Req) of 0.033Ω, 2Ω
and 8Ω, respectively. The controller has been redesigned to prevent overshoot and improve
controller stability, and the same PI gains are applied for all three step responses. The
reference signal in the simulation model is step from 0 to 4A at t=0s.

Figure 6-10: Theoretical and simulation closed-loop step responses of the rms track current at a load
resistance of 0.033Ω with non-ideal feedback H(s) and a computation delay of 25us.

Figure 6-11: Theoretical and simulation closed-loop step responses of the rms track current at a load
resistance of 2Ω with non-ideal feedback H(s) and a computation delay of 25us.
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Figure 6-12: Theoretical and simulation closed-loop step responses of the rms track current at a load
resistance of 8Ω with non-ideal feedback H(s) and a computation delay of 25us.

Compared to the step responses of the ideal feedback model, the step responses of a
non-ideal feedback model are significantly slower. In addition, as the load resistance increases,
the theoretical step response becomes more accurate.
6.1.3. Controller gain selection

At this point, it is clear that the closed-loop step responses of the rms track current are
more damped at higher load resistance values. Therefore, if a fixed-gain controller is used to
suppress transient overshoot at all load resistance values, it should be designed for the
smallest load resistance value. Alternatively, the controller gains may be programmed to vary
according to the current load resistance value, which may be either known in advance or can
be sensed by measuring the input current. A controller implemented this way may provide
optimized step responses across all load resistance values, but is more complex.
6.1.4. Impact of sampling rate

So far, all the closed-loop step responses shown above assume a sampling frequency
of 40 kHz, which is the maximum rate achievable for a 20 kHz system. However, operating at
such a high frequency might not be feasible due to the limited computational power. On the
other hand, operating the control loop at a very low rate, such as 1 kHz, renders the smallsignal model useless. This is because at such a slow sampling rate, the time between two
samples is much longer than the transient period of the rms track current. Under this condition,
the controller can only detect and react to the steady-state values of the rms track current and
completely loses control of the transient responses. Therefore, if a slow sampling rate has to
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be used, the rate of conduction angle variation should be limited to prevent large transient
overshoots.
6.1.5. Optimum start-up with open-loop control

Provided a controller or its digital modulator can change its conduction angle at a rate
of 40 kHz, a slow controller that cannot execute its control algorithm at 40 kHz can still be
used to achieve the optimum start-up transient responses shown in Figure 6-4. This can be
done by letting the controller run in an open-loop condition and execute a predefined
sequence of conduction angles, which may be obtained from simulation. Should there be a
malfunction during this open-loop period, the hardware protection can safely protect the
system.
Executing the simulated start-up conduction angle sequence shown in Figure 6-4 on an
identical experimental system at a rate of 40 kHz leads to an experimental start-up response in
Figure 6-13(b). For comparison purposes, the simulated step response in Figure 6-4 is also
reproduced in Figure 6-13(a).

Figure 6-13: Simulation (a) and experimental (b) start-up rms track current by executing the conduction
angle sequence in Figure 6-4. Conduction angle is updated at 40 kHz with open-loop control.

As can be seen, the experimental step response is in good agreement with the
simulated one. Due to the presence of dead-time in switch driving signals and slight
inaccuracies in modeling, the steady-state value of the experimental response is slightly
higher than 4A. Figure 6-14 shows the experimental waveforms of the dc-bus voltage, Hbridge output voltage and track current for the step response in Figure 6-13(b).
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Figure 6-14: Experimental waveforms of the DC-bus voltage, H-bridge voltage and track current for the
start-up response in Figure 6-13.

As shown in Figure 6-14, there is no overshoot in the dc-bus voltage for a damped step
response at Req of 0.033Ω.
Another start-up example is given below in Figure 6-15. The controller gains have
been adjusted to further speed up the start-up transient response.

Figure 6-15: Simulation (a) and experimental (b) step responses of rms track current. The controller has
been redesigned to provide a faster step response than that in Figure 6-14.

In this case, the rms track current reaches its steady-state without overshoot in
approximately 300µs. This is very fast for a lightly damped system. The experimental
waveforms of the dc-bus voltage, H-bridge voltage and track current for this start-up transient
response of Figure 6-15 are shown in Figure 6-16 below. Again there is no significant
overshoot in the dc-bus voltage for a damped step response.
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Figure 6-16: Experimental waveforms of the DC-bus voltage, H-bridge voltage and track current for the
start-up response in Figure 6-15.

Similar controller designs can be used to achieve optimum shutdown transient
responses.

6.2. Controller design for systems with ac input voltages
So far, all the discussions are for systems with dc input voltages. This section will
investigate the controller design for systems with ac input voltages. One distinct feature of
such systems is that the dc-bus voltage is approximately a rectified version of the ac input
voltage when loaded. This is because the small dc-bus capacitor cannot store enough charge
to hold its voltage constant between two adjacent peaks of the dc-bus voltage.
Figure 6-17 compares two different simulated open-loop step responses of the power
supply when the conduction angle is stepped from 10 to 180 degrees at two different dc-bus
voltages. The load resistance is 0.033ohm, and the input to the simulation model is a 50Hz
single-phase voltage. Since the track current is amplitude modulated at twice the input
frequency, the rms value of the amplitude-modulated track current is calculated by averaging
over a modulation period of 0.1s.
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Figure 6-17: Open-loop rms track current step response for single-phase ac input voltage systems. The
conduction angle is stepped from 10 to 180 degrees at different dc bus voltages and the load resistance is
0.033 ohm. Input voltage is of 50Hz.

As predicted by the small-signal model, both step responses cause large local transient
overshoots in the sinusoidal track current. However, depending on the dc-bus voltage at the
instance of stepping, the same conduction angle step change can lead to two different rms
track current responses. By comparing the two plots in Figure 6-17, it can be seen that the
local transient track current overshoot in the left plot is magnified by a larger dc-bus voltage
at the instant of stepping, resulting in a larger overshoot in the rms track current. Therefore, it
can be concluded that the step response of the rms track current is determined collectively by
the small-signal model and the dc-bus voltage at the instant of conduction angle change. In
other words, the small-signal model derived in the last chapter alone cannot fully capture the
system dynamics for power supplies with ac input voltages. In addition, the shape of the dcbus voltage also varies slightly at different power levels, making it even more difficult to
accurately model the rms track current for such systems.
Nonetheless, the optimum open-loop start-up technique demonstrated in Figure 6-13
and Figure 6-15 can still be implemented on such systems to help suppress the local transient
overshoots observed in Figure 6-17. This should provide a fast start-up without overshoot in
the rms track current.
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Given the complicated nature of ac input systems, a closed-loop controller should be
designed experimentally and the rate of conduction angle change needs to be limited to
minimize transient overshoots in the rms track current.

6.3. Controller design for parallel power supplies with dc input voltages
As discussed in Chapter 3.6, provided the following conditions are satisfied, a parallel
power supply may be modeled as a single unit, whose component values are the parallel
equivalents of the parallel units, and its controller may be designed using the techniques
described earlier for a single power supply. Firstly, all parallel modules should have similar
component values and share a common dc-bus voltage. Secondly, the H-bridge output
voltages of all the parallel units are synchronized and operating at the same conduction angle.
Figure 6-18 below compares the theoretical and normalized simulated closed-loop step
responses of the rms track current of a parallel power supply comprising 3 identical parallel
units. The structure of the control loop is identical to that of Figure 6-9, which assumes a nonideal feedback loop and includes a finite computation delay. The parameters of each parallel
module are identical to those of the experimental system, except the track inductance is a third
of the Ltrack value and a Req value of 2Ω is used. The simulated results are normalized against
the corresponding H-bridge rms output voltage. For comparison purpose, the PI gains of
Figure 6-11 are used here.

Figure 6-18: Theoretical and simulation closed-loop step responses of the rms track current of a parallel
power supply comprising 3 identical parallel modules.

As can be seen, the theoretical track current step response matches the simulation
result very well. Comparing to the closed-loop step response of the single power supply in
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Figure 6-11, the step response of the parallel power supply is less damped. This is because
additional parallel units create more paths for the energy to flow from the input to the load
resistor, thereby reducing the damping of the overall system. Figure 6-19 below compares the
closed-loop step responses of systems comprising 4 and 5 parallel units under the same PI
gains. Clearly, system damping decreases as more modules are connected in parallel.
Controller gains should therefore be reduced to compensate for this reduction in damping.

Figure 6-19: Closed-loop step responses of normalized rms track current for parallel power supplies
comprising 4 and 5 parallel units.

6.4. Compensating track current ripples for systems with three-phase input
voltages
Due to the presence of the low-energy dc bus, when loaded, power supplies driven by
three-phase input voltages have dc-bus voltage ripples. If uncontrolled, the dc-bus voltage
ripples can propagate to the resonant tank and cause the track current to be amplitude
modulated at the ripple frequency. For loads such as batteries, this amplitude modulation is
acceptable as the battery can easily tolerate such variations in power. However, for stage
lighting applications, the amplitude-modulated track current may cause the brightness of the
light to fluctuate at the ripple frequency. This may be undesirable. The ripple in the track
current can be minimized to a certain degree by implementing a closed-loop ripple
compensator shown in Figure 6-20.
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Figure 6-20: The structure of the ripple compensator designed to minimize ripple in track current for
systems with three-phase input voltages.

As shown in Figure 6-20, the ripple controller detects the instantaneous dc-bus voltage
(VBUS) and calculates the H-bridge conduction angle (θdigital) according to the following
equation.

 digital  sin 1 (VBf 

2  360 625
 )

VBUS 4
 180

(6.5)

This equation models the H-bridge, and expresses the digital conduction angle in terms of the
dc-bus voltage (VBUS) and a set VBf value, which corresponds to the desired rms track current.
The controller works by varying the conduction angle in an effort to maintain a constant Hbridge output voltage and track current.
Without any ripple compensation, the dc-bus voltage ripple can propagate to the Hbridge output voltage, which in turn causes the track current to be amplitude modulated at the
frequency of the dc-bus ripple. This situation is illustrated in Figure 6-21(a), which shows the
operating waveforms of a three-phase input system operating at a fixed conduction angle of
75 degrees without ripple compensation. The system has parameters that are identical to the
experimental system, but is driven by a three-phase voltage at its input. As can be seen, the
dc-bus voltage ripple causes the rms track current to fluctuate between 36A and 31.5A. By
implementing the control loop shown in Figure 6-20, the amplitude modulation can be
reduced significantly. This situation is shown in Figure 6-21(b). As can be seen, the controller
adjusts the conduction angle to compensate for the dc-bus voltage variations and controls the
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rms value of the track current at approximately 35A. The closed control loop operates at a rate
of 40 kHz and no feedback delay is considered.
Despite the ripple compensation, the rms value of the regulated track current still has
small ripples, which are due to the modulation delays and slight inaccuracies in the model of
equation(6.5).
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Figure 6-21: Simulated operational waveforms of a three-phase input system. (a): without ripple control.
(b): with ripple control.

In order to achieve good dc-bus voltage ripple rejection, the control loop algorithm
should ideally be executed at least ten times within a ripple period, and the control algorithm
in equation(6.5) may be fine-tuned experimentally. However, due to the inherent delays
present in the digital modulator and the maximum conduction angle update rate for a given
ssytem, the performance of the ripple rejection control is normally limited. Figure 6-22 below
illustrates the performance of the ripple controller against a “dirty” three-phase input voltage.
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As can be seen, the ripple in the rms track current is rejected to a certain degree; the controller
is not fast enough for compensating the large changes in the dc-bus voltage.
DC bus voltage

V

550
500
450
Conduction angle

Degrees

100
50
0

H-bridge output voltage

500
V

0
-500
RMS track current (averaged @ 20 kHz)
38

A

36
34
32
30

Track current

A

50
0
-50
4

5

6

7

8

9 × 1e-3

Figure 6-22: Performance of the ripple controller against a “dirty” three-phase input voltage.

6.5. Conclusion
In this chapter, the design procedure of a closed-loop digital PI controller for systems
with dc input voltages has been described. It uses the theoretical models derived in Chapter 5
and automated tuning approaches in Matlab’s SISO design environment. The theoretical
digital PI gains are then verified and fine-tuned using a PLECS simulation of the actual
system. The c ontroller improved the reference tracking performance of LCL-T based power
supplies. Experimental results show that it is possible to start-up a power supply in 300µs for
a no load system. This is much faster than conventional startup procedures, which normally
ramp the conduction angle linearly over a few milliseconds.
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By transforming a parallel power supply into a single power supply, the controller
design procedure described for a single power supply was also shown to be effective for
parallel power supplies.
Controller design for systems with ac input voltages have also been presented and
discussed. It was found that the theoretical small-signal model cannot fully capture the
dynamics of the system, due to variations in the dc-bus voltage. Nonetheless, optimum startup conduction angle sequences can still be applied regardless of the dc-bus voltage at the
instant of startup. This should provide a fast startup response with minimum overshoot in the
rms track current.
Lastly, a closed-loop controller that aims to minimize the amplitude modulation in the
track current of three-phase input LCL-T based power supplies was described. The
effectiveness of the technique is limited by the finite delays in the digital modulator and the
maximum rate at which the H-bridge output voltage can be updated. Better performance can
be expected at higher resonant frequencies, which correspond to higher conduction angle
update rates.
This chapter concludes the discussion on the parallel power supply. The next chapter
discusses a different problem, which arises from wireless stationary charging of electric
vehicles.
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Chapter 7.
Extending the effective coupling factor range of IPT electric vehicle
charging systems
Conventional IPT electric vehicle charging systems are normally designed to operate
efficiently at a fixed coupling factor, and can achieve output power regulation when the
operating coupling factor deviates slightly from the fixed value. Variations in coupling factor
are typically due to changes in the physical displacement between primary and secondary
magnetic structures. Such variations can cause changes in the pick-up power and battery
charging current. The variation in coupling factor is normally compensated by adjusting either
the track current of a power supply or the switching duty cycle of a pick-up controller, so that
the pick-up output power level and battery charging current are maintained both efficiently
and safely at their nominal values.
As IPT applications continue to widen, the required range of coupling factor is also
becoming larger. For example, due to physical displacement between the primary and
secondary coupling pads, the practical coupling factor of an inductive electric vehicle (EV)
stationary charging system may be required to vary from 0.15 to 0.5 or more. If unregulated,
such a wide coupling factor range can result in significant variations in the pick-up power
level. At large coupling factors, excessive amount of charging current may require a parallel
tuned resonant tank to be shorted to reduce the amount of power flowing into the battery,
reducing the operating efficiency of the overall system. In addition, due to space, cost, weight
and efficiency constraints, current EV charging systems do not always have pick-up
regulators on the secondary side. In such systems, the H-bridge conduction angle is the only
viable means for regulating the pick-up power and battery charging current against coupling
factor variation. In addition, in order to achieve a low total harmonic distortion in the Hbridge output voltage and limit the peak H-bridge current, the practical conduction angle
range of an IPT power supply is normally limited between 80 and 160 degrees, further
limiting the operating coupling factor range.
This chapter describes a cost-effective method for extending the operating coupling
factor range of these charging systems. The proposed method has been verified using a 3kW
prototype system. The following analyses assume no pickup controller is used, and the
operating coupling factor is required to vary between 0.15 and 0.5.
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7.1. Description of the stationary IPT EV charging system
The schematic of the stationary IPT EV charging system is illustrated in Figure 7-1.

Figure 7-1: A conventional IPT electric vehicle charging system.

The system comprises an LCL-T based power supply and a parallel tuned pickup. No
pick-up controller is used, and the pick-up inductor Lpickup is parallel tuned with Cpickup at the
IPT frequency. For simplicity, the pickup rectifier, output filter and battery are simplified and
modeled as an ac resistor Rload. The prototype system also has a similar structure.
For a parallel tuned pick-up, the current that flows into the secondary ac resistor is the
short-circuit current of the pick-up inductor (Lpickup). It can be defined in terms of the track
current and the coupling factor as:

I load  I sc  I track  k pad

(7.1)

The pick-up Qpickup is defined as the ratio between the resonating current of the pickup inductor and the load current:

Q pickup 

I pickup
I load

(7.2)

Ideally, the value of Qpickup should be between 1 and 5. The lower limit of 1 ensures
there is enough reactive power in the resonant tank for power regulation, while the upper limit
of 5 makes sure that the circulating current in the resonant tank (Ipickup) does not become too
large, resulting in excessive losses in the equivalent series resistance of the pickup inductor
and its tuning capacitor.
For battery safety and operating efficiency, the battery charging system should ensure
the rms charging current (Iload) does not exceed the maximum charging current of the battery
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under all operating conditions. This can be achieved by varying the track current of the power
supply inversely proportional to the coupling factor so that the product of Itrack and kpad always
stays below the maximum charge current limit of the battery. For such systems, the track
current can only be varied by changing the H-bridge conduction angle, which has a limited
range from 80 to 160 degrees according to the following reasons.
Figure 7-2 below plots the normalized magnitudes of the first seven H-bridge output
voltage harmonics against the H-bridge conduction angle. As can be seen, the fundamental
harmonic varies with the conduction angle according to the sine function defined in
equation(7.3) and its magnitude is most sensitive to the conduction angle when the conduction
angle is below 120 degrees.
VBf 

VBUS 4
 

  sin  
 
2 
 2 180 

(7.3)

Similarly, the magnitudes of the higher order harmonics also follow the shape of a sine
function and repeat every 360/n degrees. Here n is the harmonic number.

Figure 7-2: Normalized magnitudes of the H-bridge output voltage harmonics (up to the 7 th harmonic)
verses H-bridge conduction angle.

As shown in Figure 7-2, the total harmonic distortion of VB is relatively low for a
conduction angle range between 100 and 160 degrees, and when the conduction angle is at
120 degrees, the magnitude of the 3rd harmonic decreases to zero. Figure 7-3 confirms this
observation by plotting the total harmonic distortion of the H-bridge output voltage against
the conduction angle.
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Figure 7-3: Total harmonic distortion of the H-bridge output voltage verses conduction angle.

By considering the two conditions mentioned above, the operating conduction angle
range is selected to be from 80 to 160 degrees, and 120 degrees is the desired operating point.
However, this selected conduction angle range does not provide sufficient variations
in the track current required to maintain a constant battery charging current against the large
coupling factor range (from 0.15 to 0.5). This is because, in order to compensate for the
coupling factor change, the track current and the H-bridge output voltage must be able to
change from its smallest value to its largest value by a factor of 3.33. This factor is calculated
as the ratio between the upper and lower limits of the required coupling factor range.
However, equation (7.4) reveals that the selected conduction angle range can only vary the Hbridge output voltage and track current by a factor of 1.53, as the H-bridge output voltage is
proportional to the track current.

VB1h
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 160
VBUS 4
 
  sin 
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 2 180   0.8866 VBUS  1.53

 80
VBUS 4
  0.5787 VBUS
  sin 

 

2
180
2



(7.4)

In other words, if 0.15 is chosen as the lower coupling factor limit, the selected conduction
angle range can be used to regulate charging current up to a coupling factor of 0.23.
Alternatively, if 0.5 is chosen as the upper limit, the selected conduction angle range can be
used to regulate charging current down to a coupling factor of 0.327. Therefore, an additional
control parameter should be introduced and used in conjunction with the conduction angle to
enable larger variations in the H-bridge output voltage and track current.
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7.2. Possible methods of extending the effective coupling factor range
7.2.1. Changing the input voltage of the IPT power supply using mains transformers with
multiple turns ratios

The input voltage of the IPT power supply could be changed along with the
conduction angle to allow for larger variations in the H-bridge output voltage and track
current. This may require a bulky mains transformer with multiple secondary windings so that
the input voltage can be varied in steps. In addition, an ac switch must be connected in series
with each secondary winding so that a particular turns ratio can be selected.
7.2.2. Extending variations in H-bridge output voltage and track current using Z-source
networks

The range of variation in H-bridge output voltage and track current could also be
extended by replacing the dc-bus capacitor with a Z-source [113] network, as illustrated in
Figure 7-4.

Figure 7-4: An IPT power supply with a Z-source network.

The Z-source network when controlled with a special H-bridge switching scheme can
act as a buck-boost converter. When operating in the boost mode, it can increase the dc-bus
voltage to a value higher than the input voltage, thus extending the variation range of the Hbridge output voltage and track current of such power supplies. This type of IPT power supply
has not been reported in any literature. Due to the limited time available for the PhD study,
the topology is not investigated in this thesis. Nonetheless, it should be an excellent method
for extending the variation range of the track current and the operating coupling factor range
of IPT EV charging systems.
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7.2.3. Extending variations in H-bridge output voltage and track current by modifying T1
to have multiple turns ratios

This chapter describes an alternative method similar to the first approach. However,
instead of varying the input voltage using a mains frequency transformer, the H-bridge output
voltage is varied by changing the turns ratio of T1, which is the isolating transformer of the
power supply. This method is preferred over the first method as it does not require an
additional bulky mains transformer at the input of the power supply. In addition, this chapter
also discusses an optimization algorithm, designed to minimize the number of transformer
turns ratios required for a given coupling range. Finally, the topology is verified on a 3kW
IPT EV charging system.

7.3. Description of the preferred method
As explained earlier, for a given turns ratio of T1, the upper and lower conduction
angle limits set the coupling factor range over which the power supply can regulate the battery
charging current. Therefore, the design objective is to cover the full practical coupling factor
range from 0.15 to 0.5 with the minimum number of turns ratios of T1. The following section
describes a simple mathematical model of the IPT EV charging system. The model expresses
the rms value of the load current, which is the variable to be controlled, in terms of the Hbridge conduction angle, the turns ratio of T1 and the coupling factor between Ltrack and Lpickup..
7.3.1. A mathematical model of the EV charging system

Figure 7-5 below illustrates a simplified view of the EV charging system.

Figure 7-5: Simplified view of the EV charging system.

The impedance ZGH can be expressed as:
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ZGH 

1
1

1
Rload

1

(7.5)

( jC pickup )

The impedance ZAB can be expressed as:

 2 M pad 2
Z AB  ESRtrack  j  Ltrack 
( ESRpickup  j  Lpickup  ZGH )

(7.6)

Here ESRtrack and ESRpickup are the equivalent series resistance of Ltrack and Lpickup. And
Mpad is the mutual inductance between Ltrack and Lpickup. The impedance ZCD can be expressed
as:

ZCD 

1
1
1

Z AB 1
( jC2 )

(7.7)

The impedance ZEF can be expressed as:
Z EF

 2 M T 12
 ESRLprimary  j  Lprimary 
( ESRL sec ondary  j  Lsec ondary  ZCD )

(7.8)

Here ESRLprimary and ESRLsecondary are the equivalent series resistance of the primary and
secondary windings of T1. MT1 is the mutual inductance of the transformer T1. The H-bridge
impedance can be expressed as:
Z bridge 

1
 j L1  Z EF
jC1

(7.9)

The H-bridge current is:

I1 

VB
Zbridge

(7.10)

The current in the secondary winding of T1 can be expressed as:

I 2  I1 

j M T1
ESRL sec ondary  j Lsec ondary  ZCD

The track current is calculated as:
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(7.11)

1

I track  I 2 

jC2
1
 Z AB
jC2

(7.12)

The current in the pick-up is:
I pickup  I track 

j M pad
ESRpickup  j Lpickup  ZGH

(7.13)

Finally, the load current is:

1
I load  I pickup 

1

jC pickup

jC pickup

 Rload

(7.14)

Higher order harmonics of VB should also be taken into account for accurate modeling
of the H-bridge current.
7.3.2. An optimization algorithm for minimizing the number of turns ratios of T1

The algorithm is illustrated in Figure 7-6 below, which assumes a coupling factor
range from kmin to kmax can be covered by three different turns ratios of T1. The coupling factor
kn represents the nominal coupling factor.

Figure 7-6: Illustration of the optimization algorithm.

The first step in the optimization process is to determine turns ratio A, which
corresponds to the turns ratio required for generating the nominal battery charging current at
the coupling factor of kn and at an H-bridge conduction angle of 120 degrees. The calculated
turns ratio A ensures a low THD in the H-bridge voltage and current at the nominal coupling
factor kn.
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Next, the effective coupling range of turns ratio A (defined by k1 and k2 in Figure 7-6)
should be calculated based on the operating conduction angle range. The upper coupling
factor limit k2 can be calculated by setting the conduction angle to its minimum value of 80
degrees, while increasing the coupling factor from kn until the battery charging current
increases to its nominal value. The lower coupling factor limit k1 can be found by setting the
conduction angle to its maximum value of 160 degrees, while decreasing the coupling factor
from kn until the battery charging current decreases to its nominal value. If the calculated
value of k1 is still larger than kmin, turns ratio C must be introduced to extend the coupling
range from k1 to kmin. Similarly, if the calculated value of k2 is smaller than kmax, turns ratio B
should be introduced to extend the coupling range from k2 to kmax.
Turns ratio C can be calculated by setting the conduction angle to its minimal value of
80 degrees and the coupling factor to k1, while decreasing the turns ratio from turns ratio A
until the battery charging current increases to its nominal value. Similarly, turns ratio B can be
calculated by setting the conduction angle to its maximum value of 160 degrees and the
coupling factor to k2, while increasing the turns ratio from turns ratio A until the battery
charging current decreases to its nominal value.
Having determined the values of turns ratios B and C, their effective coupling ranges
can be found using the same approach described for turns ratio A. If the combined effective
coupling range of turns ratio A, B and C still cannot fully cover the required coupling factor
range, additional turns ratios should be introduced.
At this point, it is necessary to point out that the above optimization algorithm only
provides a logical starting point for selecting the turns ratios. For certain systems, a better
design may be achieved by choosing a different starting conduction angle at kn. For example,
the design illustrated in Figure 7-7 may be optimized by choosing a different starting
conduction angle at kn, reducing the number of turns ratios from three to two, as shown in
Figure 7-8.
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Figure 7-7: The three turns ratios in this design may be reduced to two by setting the conduction angle at
kn to a value higher than 120 degrees.

Figure 7-8: An alternative design for the scenario in Figure 7-7

7.3.3. Implementing the multiple turns ratios of T1

The multiple turns ratios of T1 can be implemented by tapping off either the primary or
the secondary windings of T1 at multiple positions while sharing the other winding. Out of the
two topologies, the one that results in the least number of primary and secondary turns should
be chosen. Topology one, as shown in Figure 7-9(a), realizes the different turns ratios on a
transformer by sharing a common primary winding and tapping off the secondary winding at
multiple positions. The second topology, as shown in Figure 7-9(b), realizes the different
turns ratios by sharing a common secondary winding and tapping off the primary winding at
multiple positions.
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Figure 7-9: Implementation of multiple turns ratios (a) topology 1, (b) topology 2.

Assume three turns ratios N1:NA, N1:NB and N1:NC ( NA>NB>NC ), and N1 number of
primary turns are sufficient to prevent transformer saturation at a given H-bridge output
voltage VB.
For topology 1, the total number of turns (NT1) can be expressed as:
NT 1  N1  N A

(7.15)

For topology 2, the turns ratio can be expressed as: N1:NA, (N1NA/NB):NA and
(N1NA/NC):NA , and the total number of turns (NT2) can be expressed as:
NT 2  N A 

N1  N A
NC

(7.16)

As can be seen, topology 1 always requires a lower number of turns than topology 2
regardless of the turns ratio.
7.3.4. Keeping the LCL-T network tuned at different turns ratios

An LCL-T network is tuned when the reactance of L2 is made equal to the reflected
reactance of C2 through T1. This condition is defined as:
X L2  X C 2  (

N1 2
)
N2

(7.17)

Here N1:N2 is the turns ratio of T1.
Since the value of C2 is fixed for a power supply, the value of L2 must change with the
turns ratio of T1 according to equation(7.17) in order to keep the LCL-T network tuned at
different turns ratios. The value of L2 may be varied by changing either the value of L1, which
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is the leakage inductance of T1, or the value C1. These two possibilities are discussed and
compared below.
7.3.4.1. Changing the leakage inductance of T1 to tune the LCL-T network at different
turns ratios

A simplified transformer model that does not include the winding resistances is
illustrated in Figure 7-10.

Figure 7-10: A simplified transformer model.

The leakage inductance of a transformer is distributed in both the primary and
secondary windings, and its value in each winding is approximately proportional to the
number of turns squared in that winding.

L1
N
 ( 1 )2
L2
N2

(7.18)

Here Lℓ1 and Lℓ2 are the primary and secondary leakage inductances of the transformer.
Since the value of LM is normally much larger than those of Lℓ1 and Lℓ2, the leakage
inductance looking into points A and B with points C and D short circuited can be
approximated by:
LAB  L 1  (

N1 2
) L 2
N2

(7.19)

Here, LAB is the leakage inductance of T1, and is also the value of L1.
Similarly, the inductance looking into points C and D with points A and B short circuited can
be approximated as:
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LCD  L 2  (

N2 2
) L1
N1

(7.20)

Substituting equation(7.18) into equation(7.19), LAB can be rewritten as:
LAB  L 1  (

N1 2
)  L 2  L 1  L 1  2 L 1  L1
N2

(7.21)

The result in equation(7.21) is important as it indicates that the leakage inductance of
a transformer is largely determined by its physical layout and magnetic material, and is
largely unaffected by its turns ratio.
Therefore, in order to vary the value of L1 according to equation(7.17), external
inductances must be added in series with the secondary windings of the transformer.
Assume three turns ratios N1:NA, N1:NB and N1:NC ( assuming NA>NB>NC ) are to be
implemented on T1 by tapping off its secondary windings at multiple points and a fixed C1
value, the required reactance of L1 at the three different turns ratios can be expressed:
At a turns ratio of

N1
N
 X L1  X C1  X C 2  ( 1 )2
NA
NA

At a turns ratio of

N1
N
 X L1  X C1  X C 2  ( 1 )2
NB
NB

At a turns ratio of

N1
N
 X L1  X C1  X C 2  ( 1 )2
NC
NC

(7.22)

According to equation(7.22), the required inductance of L1 is the smallest at turns ratio
N1:NA and the largest at turns ratio N1: NC (NA>NB>NC). Therefore, the value of C1 should be
chosen to tune the LCL-T network at turns ratio N1:NA, and external inductors LB and LC need
to be connected in series with the secondary windings of T1 to tune the LCL-T network at
turns ratios N1:NB and N1:NC, respectively. This is shown in Figure 7-11 below.
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Figure 7-11: Implementing three different turns ratios on T1 by varying the leakage inductance.

The values of LC and LB in Figure 7-11 can be derived as:
At turns ratio

L1  (

N1 2
)  LB  2  L 1 
NB

At turns ratio

L1  (

N1
:
NB
( XC2  (

N1 2
N
)  X C1 )
( X C 2  ( 1 ) 2  X C1 )
NB
NB
N
 LB  (
 2  L 1 )  ( B )2
w
w
N1

N1
:
NC

N1 2
)  LC  2  L 1 
NC

( XC2  (

(7.23)

N1 2
N
)  X C1 )
( X C 2  ( 1 ) 2  X C1 )
NC
NC
N
 LC  (
 2  L 1 )  ( C )2
w
w
N1

In Figure 7-11, an ac switch is required for each secondary winding of T1, so that a
particular transformer turns ratio can be selected by turning on the corresponding ac switch.
The ac switch can be implemented as shown in Figure 7-12.

Figure 7-12: An AC switch implementation.
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7.3.4.2. Changing the dc blocking capacitance C1 to tune the LCL-T network at different
turns ratios

Given the position of C1, varying its value for different turns ratios requires an ac
switch on the primary side of T1 for each C1 value. This leads to a more complicated design
and inevitably increases the implementation cost. Therefore, this method should not be used
for varying the value of L2 against different turns ratios.

7.4. A 3kW prototype system
The method described above is verified using a 3kW IPT EV charging prototype
system. The parameters of the prototype system are listed in Table 7-1.
Coupling factor range (kpad)

0.15 0.5

Input voltage

230V (dc)

Nominal coupling factor (kn)

0.25

H-bridge switching frequency

20kHz

Cpickup (ESR)

2.419uF (0.7mΩ)

Lprimary (ESR) at a turns ratio
of 13:13

4mH (25mΩ)

Lpickup (ESR) at a kpad of 0.26

24.6uH (18.7mΩ)

Lsecondary (ESR) at a turns ratio
of 13:13

4mH (25mΩ)

Ltrack (ESR) at a kpad of 0.26

26.8uH (21mΩ)

L1 at a turns ratio of 13:13

59uH

C2 (ESR)

2.1745uF (1mΩ)

Coupling factor of T1

≈1

C1 (ESR)

To be determined

H-bridge conduction
operating range

3kW

Maximum battery charging
voltage (rms)

155V

8.18Ω + 3.52uH

Maximum battery charging
current (rms)

19.35A

Maximum battery
power (rms)
Rload + equivalent
inductance of Rload

charging
series

angle

80 to 160 degrees

Table 7-1: Parameters of a prototype system.

A few things need to be noted regarding the parameters listed in Table 7-1. Firstly, all
the measurements regarding T1 are made on an existing transformer. Given the physical
geometry of the transformer and H-bridge output voltage, 13 primary turns are required to
prevent transformer saturation. Secondly, the values of L1, Lprimary and Lsecondary are all
measured at a turns ratio of 13:13. Thirdly, the self-inductances of Lpickup and Ltrack listed in
Table 7-1 are measured at a kpad of 0.25. Figure 7-13 plots how Lpickup and Ltrack change with
kpad. In order to better model the charging system, a trend line that best fits the plotted data
points in Figure 7-13 was used for extrapolating the values of Lpickup and Ltrack at any kpad value
between 0.15 and 0.5.
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Inductance (uH)

29
28

Ltrack
Lpickup

27
26
25
24
0.000

0.100

0.200
0.300
0.400
coupling factor (kpad)
Figure 7-13: Ltrack and Lpickup against kpad.

0.500

An optimized theoretical design for the prototype system is shown in Figure 7-14,
which plots the theoretical results of the required turns ratios, load power (battery charging
power), conduction angle, rms track current, H-bridge rms current and T1’s secondary current
against kpad.

Figure 7-14: An optimized theoretical design for the prototype system. Circles are experimental results of
Table 7-2.

According to Figure 7-14, in order to cover the coupling range between 0.15 and 0.5,
the prototype system must use three different transformer ratios, which are approximately
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0.435, 0.63 and 0.97. The practical transformer turns ratios implemented are: 14:14, 14:22 and
14:31. The turns ratios are changed at coupling factors of 0.22 and 0.33.
As discussed earlier, the values of L1 and C1 should tune the LCL-T network at the
smallest turns ratio 0.435, and the required value of C1 can be calculated as:
X C1 

1
N
 X L1  X L 2  X L1  X C 2  ( 1 )2
C1
NA

1
   59uH 
 0.4352  6.72  C1  1.185uF
  2.1745uF

(7.24)

Practically, C1 is formed by paralleling several capacitors, and its implemented value
is 1.2uF.
Next, the values of LB and LC can be calculated according to equation (7.23) as:

At turns ratio 0.63 :
N
1
1
( X C 2  ( 1 ) 2  X C1 )
(
 (0.63) 2 
)
NB
NB 2


2.1745
uF


1.2
uF  59uH )  ( 1 ) 2  13.4uH
LB  (
 2  L 1)  ( )  (

N1

0.63
At turns ratio 0.97 :
N
1
1
( X C 2  ( 1 )2  X C1 )
(
 (0.97) 2 
)
NC
NC 2


2.1745
uF


1.2
uF  59uH )  ( 1 ) 2  22.5uH
LC  (
 2  L 1)  ( )  (

N1

0.97

(7.25)
The implemented values of LB and LC are 14uH and 23.5uH.
Table 7-2 below lists the experimental results of the prototype system at the boundary
coupling factors of 0.15, 0.22, 0.33 and 0.5.
Table 7-2: Experimental results of the optimal design.

coupling
factor
0.3345
0.5
0.3345
0.223
0.223
0.15

N1:N2
13.5:14
13.5:14
13.5:21.5
13.5:21.5
13.5:31
13.5:31

Conduction
angle
load
(degrees) current (A)
156.96
18.83
81.93
17.92
79.92
18.76
156.96
19.8
84.96
18.94
159.84
18.65

Load
Transformer
power
track
H-bridge RMS secondary
(W)
current (A) current (A)
current (A)
2900.374
56.39
18
16
2626.814
35.79
24.6
22.33
2878.85
56.08
27.36
19.17
3206.887
88.69
22.95
15.8
2934.359
84.92
30.24
12.28
2845.188
126.3
29.24
11.23
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These results are also plotted in Figure 7-14 for comparison. As can be seen, by
selecting correct combinations of the transformer turns ratio and conduction angle, the rms
load current is regulated at its nominal value of 19A and the pickup output power is regulated
at approximately 3kW. It should be noted that only the boundary operating conditions were
tested experimentally, as the operating condition in between can be reached by adjusting the
conduction angle.
Figure 7-15 plots the theoretical results of H-bridge impedance for the design in
Figure 7-14. As can be seen, the H-bridge drives an inductive load at all operating coupling
factors.

Figure 7-15: The H-bridge impedance for the design in Figure 7-14.

7.4.1. Voltage stresses on ac switches

The voltage stress on ac switches can be analyzed by considering three possible switch
configurations, as shown in Figure 7-16 below.
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Figure 7-16: Structure of T1 with three secondary outputs.

The first switch configuration assumes the turns ratio N1:NC is selected by turning on
switch C. In this case, the voltage across switch B is:
VSwitchB  VM  j( L 2C  LC )  IC

(7.26)

The voltage across switch C is:
VSwitchC  VM  VN  j( L 2C  LC )  I C

(7.27)

The second switch configuration assumes turns ratio N1:NB is selected by turning on
switch B. The voltages across switches C and A are:
VSwitchC  VM  j( L 2 B  LB )  I B
VSwitchA  VN  j( L 2 B  LB )  I B

(7.28)

The third switch configuration assumes turns ratio N1:NC is selected by turning on
switch C. The voltage across switches A and B are:
VSwitchA  VM  VN  j L 2 A  I N
VSwitchB  VN  j L 2 A  I N

(7.29)

The negative values are due to the predefined reference directions.
However, since the exact voltage waveforms of VC, VM and VN are difficult to predict
theoretically, the switch voltages stress should be measured experimentally. For the prototype
system, ac switch voltages of up to 600V peak have been observed under certain operating
conditions and SA generally has the highest voltage stress. The AC switch can be implemented
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using 1000V IGBT modules, which cost less than 10 NZD per part in low volume, so the
implementation cost is relatively low.
7.4.2. Measuring the actual coupling factor at start-up

Before fully turning on a power supply, its coupling factor should be measured so that
the correct transformer turns ratio can be selected for safe operation. This can be done by
measuring the input current at the largest turns ratio and a very small conduction angle value.
These two conditions ensure no excessive secondary power is delivered to the pickup even at
a coupling factor of 1. Since the input current is directly proportional to the real power, the
actual coupling factor may be approximated based on the input current value. A charging
system should not be turned on if its measured coupling factor falls out of its designed range.
If a measured coupling factor falls on a coupling factor boundary between two adjacent
transformer ratios, the larger transformer ratio should always be selected first. If the rated
power at the maximum conduction angle cannot be reached, the smaller transformer ratio
should then be used.

7.5. Conclusion
An effective method for extending the coupling range of stationary IPT EV charging
systems has been described, assuming no pickup controller is used. The method can be
implemented by modifying transformer T1 to have multiple turns ratios. Additional inductance
must be added in series to transformer’s secondary winding to keep the LCL network tuned at
different transformer ratios. The proposed method was verified using a 3kW experimental
system.
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Chapter 8. Conclusions
8.1. General conclusions
8.1.1. Open-loop characteristics of the parallel topology

This thesis introduced a parallel topology [114, 115] for LCL-T based IPT power
supplies. A parallel power supply is formed by connecting multiple LCL-T based single
power supplies across a shared track inductor. In order to keep the LCL-T network of this
parallel power supply tuned, its track inductance must be smaller than or equal to L2N/N,
where N is the number of parallel modules. This places a practical upper limit on the
maximum number of modules that can be connected in parallel. For a given track inductance,
the number of parallel modules may be increased by increasing the value of L2N for each
parallel module and/or by series compensating the track inductor with capacitors.
The steady-state open-loop characteristics of the parallel topology were discussed in
detail in Chapter 3. Firstly, its power sharing capability under different operating conditions
was investigated. It was shown that when the H-bridge output voltages are perfectly
synchronized, the power distribution is inversely proportional to the values of L2N. The effects
of operating with asynchronous H-bridge output voltages were also analyzed by considering
two representative scenarios. For center-aligned H-bridge output voltages, small conduction
angle differences (less than 10 degrees) can cause uneven power distribution. In contrast,
large conduction angle differences can cause excessively large H-bridge circulating current,
which can potentially damage the H-bridge switches. Therefore, it is imperative to keep the
conduction angle differences less than 10 degrees for center-aligned H-bridge output voltages
during normal operation. Conduction angle differences may be used advantageously for
compensating uneven power distribution caused by non-ideal L2N values. Phase shifts
between the H-bridge output voltages can also cause uneven power distribution. It was also
confirmed that large phase difference under lightly loaded conditions can result in a large dcbus voltages for the lagging parallel module. Therefore, phase delays between parallel
modules should be minimized during operation.
A synchronous clamped-mode technique was also proposed in Chapter 3 for driving
the parallel topology. The technique is capable of compensating propagation delays in the
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switch driving circuitries, thereby ensuring synchronization of the H-bridge output voltages
for any parallel power supply system.
The parallel topology was experimentally verified using a 6kW prototype, which was
constructed by connecting three 2kW power supplies in parallel. Its operating efficiency was
measured to be 94% at 6 kW. Delays of up to 16ns (0.1 degrees) were observed between the
transition edges of the H-bridge output voltages. This small amount of delay does not cause
any uneven power distribution. Experimental results also confirmed the theoretical
relationship between the real power distribution and L2N. Based on the results presented in
Chapter 3, it was concluded that the proposed parallel topology is a feasible solution for
realizing higher and more flexible power levels for IPT systems.
Finally, Chapter 3 also demonstrated how a parallel topology can be simplified and
modeled as a single power supply. This transformation allows key properties of the single
power supply to be directly applied to a parallel topology, dramatically simplifying the
analysis and control of the parallel power supply.
8.1.2. Redundancy operation of the parallel topology

The redundancy features of the parallel topology were described in Chapter 4. Two
possible shutdown methods were discussed in detail.
A faulty parallel module can be turned off by open-circuiting all four H-bridge
switches (shutdown type 1). The shutdown of a faulty module causes the steady-state values
of the H-bridge current of all remaining modules to increase and the track current to decrease.
In order to compare the transient responses during the shutdown period, a digital rms to dc
conversion technique was used to extract the true rms value of the sinusoidal track current.
Using this technique, the transient responses of the H-bridge current and track current were
found to be more damped at higher load resistance values, and no significant overshoots were
observed in the H-bridge current of non-faulty modules. This type of shutdown can cause the
dc-bus capacitor of the faulty module to be charged to a higher steady-state value after
shutdown. Transiently, the charging trajectory of the dc-bus capacitor is largely determined
by the dc-bus capacitor voltage at the instant of shutdown. However, since the peak transient
dc-bus voltage is always well below the ratings of the dc-bus capacitors, no dc-bus overvoltage protection is required.
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A faulty parallel module can also be turned off by short-circuiting its H-bridge outputs
(shutdown type 2). This type of shutdown causes the H-bridge current of the remaining
modules to increase and the track current to decrease. The transient responses of this type of
shutdown were also analyzed using the digital rms to dc conversion technique. It was found
that the H-bridge current and track current are more damped at larger load resistance values.
Significant overshoots were also observed in the H-bridge current of faulty and non-faulty
modules. However, these overshoots can be completely suppressed by temporarily turning off
the non-faulty modules immediately after the shutdown of the faulty module.
For both types of shutdown, the state of the resonant tank at the instant of shutdown
does not affect the transient responses significantly. Since both shutdown techniques reduce
the operating efficiency, a faulty module should be replaced when possible, but operation can
continue in the meanwhile. This redundancy capability of the parallel power supply increases
its reliability, making the parallel topology attractive for critical applications.
8.1.3. Small-signal model of the single and parallel LCL-T based power supplies

The closed-loop characteristics of the parallel topology were discussed in Chapter 5
and Chapter 6. In Chapter 5, a small-signal model describing how the rms value of the track
current responses to a perturbation in the fundamental harmonic of the H-bridge output rms
voltage was derived using generalized state-space averaging model. A resistor R1 was
introduced for modeling the damping effects of the four different operating states of the Hbridge and the dc-bus capacitor. In order to compare the theoretical and experimental step
responses of the rms track current, an approximated linear model of the digital modulator and
H-bridge was also derived based on simulation waveforms. The derived model approximates
the transfer function between the conduction angle and rms value of the H-bridge output
voltage. The non-linearity of the H-bridge transfer function was removed in the controller by
implementing an algorithm, which is the inverse of the H-bridge transfer function. The
algorithm calculates the conduction angle value that corresponds to the required H-bridge
output voltage for a given dc input voltage.
By comparing the experimental and theoretical step responses of the rms track current
at different load resistance values, an R1 value of approximately 2.5Ω was found to be
adequate for modeling the system damping at a conduction angle of 120 degrees, which is a
desired operating point for LCL-T based power supplies. Due to fluctuations in the dc-bus
voltage, minor discrepancies between theoretical and practical step responses of the rms track
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current were observed at small load resistance values. In the end, it was concluded that the
damping of the power supply is dominated by the values of load resistance Req and R1,
collectively.
8.1.4. Controller design for single and parallel LCL-T based power supplies

Using both the derived small-signal model of the single power supply and the linear
model of the digital modulator and H-bridge, Chapter 6 outlined a theoretical design method
that aims to improve the reference tracking performance of LCL-T based power supplies
driven by dc input voltages. Using this design method, the start-up transient response of the
power supply was dramatically improved; experimental results showed that it is possible to
start up a power supply operating under lightly damped conditions in 300µs without
overshoot. This is much faster than conventional startup procedures, which normally ramp the
conduction angle linearly over a few milliseconds to avoid overshoots in its rms track current.
By modeling a LCL-T based parallel power supply with its single equivalent model,
the theoretical controller design procedure described above could also be applied to the
parallel power supplies. This argument was verified by a comparison made between
theoretical and simulated closed-loop step responses of the rms track current of a parallel
power supply.
The controller design for systems operating directly from ac mains input voltages was
also discussed in Chapter 6. For LCL-T based power supplies, the small dc-bus capacitance
results in an amplitude modulated track current. It was found that due to variations in the dcbus voltage, the theoretical model cannot fully capture the dynamics of the system.
Nonetheless, an optimum start-up conduction angle sequence, derived assuming DC input
voltages, can still be applied regardless of the dc-bus voltage at the instant of startup.
A closed-loop controller that minimizes the amplitude modulation in the track current
of a three-phase input LCL-T based power supplies was also described in Chapter 6. By
implementing the controller with an ideal feedback, the simulated results showed that the
amplitude modulation in the track current could be reduced significantly. The effectiveness of
the control technique is limited by the finite delays in the digital modulator and feedback loop
and the maximum rate at which the H-bridge conduction angle can be updated. Better
performance can be expected at higher resonant frequencies.
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8.1.5. Extending the operating coupling factor range of stationary IPT electric vehicle
charging systems

Chapter 7 described an effective method for extending the coupling range of stationary
IPT EV charging systems. The coupling range of a traditional EV charging system was shown
to be limited by the operating range of the H-bridge conduction angle. The proposed method
was implemented by modifying the isolating transformer T1 to have multiple selectable turns
ratios, rather than one fixed ratio. Additional inductance must also be added in series to this
transformer’s secondary winding to keep the LCL network tuned at different transformer
ratios. Experimental results obtained from a 3kW prototype system proved that the method
was effective for extending the coupling range of stationary EV charging systems.

8.2. Suggestions for Future work
8.2.1. Increasing the power levels of parallel LCL-T based power supplies

Single LCL-T based power supplies that can deliver 25kW have been developed and
verified recently at the University of Auckland. Such systems operate from three-phase mains
voltage sources and use an LCL-T resonant tank. Using the parallel topology proposed, power
levels of 100kW or more may be reached by connecting multiple 25kW power supplies in
parallel. This parallel power supply can be used to drive a double coupled roadway system, as
shown in Figure 8-1. In a double coupled system, the power supply drives a distributed track,
which energizes a section of the road. An intermediate coupler picks up power from the track
at a very high coupling factor. As the power receiver travels along the road, each power
transmitter is turned on sequentially by the intermediate controller.

Figure 8-1: A double coupled system powered by a 100kW parallel power supply.
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For the 100kW parallel power supply, it is important to maintain good power sharing
amongst parallel modules. Unsynchronized H-bridge output voltages of the parallel modules
can be compensated by adjusting the “sync” signal and conduction angle of each digital
modulator. The reflected impedance of each double coupled system should also be analyzed
to ensure the track inductance does not exceed its upper threshold value during operation. In
addition, the transient response of the overall system needs to be analyzed to ensure safe and
efficient operation.
8.2.2. Driving bipolar pads with two synchronized LCL-T based power supplies

A bipolar pad, as shown in Figure 8-2, contains two overlapped coils that are mutually
decoupled [35]. It should be noted that the ferrite structures are not shown in Figure 8-2.

Figure 8-2: A bipolar pad.

Depending on the phase difference between IBPP1 and IBPP2, the bipolar pad can behave
either as a circular pad (at 180 degree phase difference) or a double D pad (at 0 degrees phase
difference). In addition, the bipolar pad operates in the two-phase mode when the two currents
are 90 degrees out of phase, resulting in a moving magnetic field. The ability of the bipolar
pad to change its operating mode can make it a universal IPT primary.
This feature of the bipolar pad may also be used advantageously for controlling the
coupling factor between a bipolar pad transmitter and an IPT receiver. This may form an
alternative solution to the EV charging problem described in Chapter 7; instead of changing
the turns ratios of the isolating transformer, the operating mode of the bipolar transmitter pad
can be changed to vary the coupling factor and control the pickup power. The only drawback
of this approach is that it requires two independently controlled but synchronized power
supplies. Nonetheless, the work presented in this thesis is an ideal starting point for further
analyses.
Since the parallel power supply structure is capable of generating any degree of phase
shift between IBPP1 and IBPP2, it forms an excellent platform for evaluating the performance of
the bipolar pads under different operating modes. Figure 8-3 shows the bipolar pad driven by
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two synchronized power supplies. Here the synchronized clamped-mode control technique
can be used to generate any phase delay between IBPP1 and IBPP2.

Figure 8-3: A parallel power supply driving a bipolar pad.

Although the mutual coupling between the two coils (LBPP1 and LBPP2) of a bipolar pad
is designed to be zero, practically there is always a small degree of coupling between the two
coils, given both the primary and secondary have ferrite and their spacing can vary. Under
normal operation, this coupling can cause one coil to be driven by the other, and the induced
voltage in the driven coil can charge up the dc-bus capacitor of the corresponding power
supply to dangerously high voltage levels. Therefore, the dc-bus capacitors of the two
synchronized power supplies are always connected in parallel for such systems. This forces
any induced energy to circulate in the system and ensures the safety of the synchronized
power supplies. Since the energy demand of the pad is much greater than the induced
circulating energy, the dc-bus capacitor cannot be charged above its nominal value.
One key advantage of the bipolar system in Figure 8-3 is that one coil in the
transmitter pad can be electronically switched off to reduce losses and thereby reduce radiated
emissions when the secondary pad on a vehicle is misaligned with the bipolar primary pad.
This is illustrated in Figure 8-4.
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Figure 8-4: Switching off one coil to reduce radiated emissions when two pads are misaligned.

As described in Chapter 4, a power supply can be switched off by either opencircuiting or short-circuiting the H-bridge outputs. However, for the system shown in Figure
8-3, a coil should only be turned off by short-circuiting the H-bridge outputs. This is
explained as following.
Assume the bottom power supply (coil LBPP2) in Figure 8-3 is to be switched off. If the
bottom power supply is turned off by open-circuiting its H-bridge outputs, the induced
voltage in coil LBPP2 can resonant with the parallel tuning capacitor C22, causing the coil
current and capacitor current to increase. This resonance complicates the theoretical analysis
of the bipolar coil, and may also increase the radiated emission of coil LBPP2. In contrast, if the
bottom power supply is turned off by short-circuiting its H-bridge outputs, resonance between
the coil and its parallel tuning capacitor C2N cannot occur. This is because by short-circuiting
the H-bridge outputs, the inductance L22 is also placed in parallel with the coil inductance
LBPP2. C22 and LBPP2 are therefore no longer tuned at the IPT frequency. Under this condition,
the induced current in the LBPP2 is theoretically equal to the current in LBPP1 multiplied by the
coupling between the two coils, which is normally under 5%. Such a small coil current in
LBPP2 does not increase the emission of LBPP2 and can be easily taken into account in operation
and any theoretical analysis.
In addition to the bipolar pads, other magnetic structures that have multiple mutually
decoupled coils may also be driven using the synchronized parallel power supply topology
proposed in this thesis. It is expected that such work could form the basis of a future PhD in
what is now a very topical and important area of research globally.
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